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Abstract
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Doctor of Philosophy

Design of Wideband Architectures for Modern Communication Standards

by Arianna COCCIA

Modern communication standards demand wideband solutions, with increasing chan-
nel bandwidths. At the same time, massive MIMO is quickly approaching, asking for
low-cost and low-power architectures. This thesis is focused on the design of RF blocks,
suitable for state-of-the-art applications. The work is divided in two parts. In the
first one an innovative transmitter architecture based on a current-mode passive mixer
topology with a closed-loop RF amplifier is presented. The second part deals with the
analysis and design of a broadband, inductorless noise-cancelling low-noise transcon-
ductance amplifier. Measurement (TX) and simulation (TX and LNTA) results are
reported, to validate the proposed designs.
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Introduction

In recent years, the diffusion of wireless devices, in developed and emerging economies,
has enabled everyone to communicate. It follows that modern communication standards
have to coexist with the previous generations, while satisfying the new requirements.
The continuous demand for higher data rates has led to the opening of several new
bands in the sub-6GHz range to mobile communications with channel bandwidth up to
100MHz. At the same time, low power and low cost architectures represent the best
solution to meet the requirements of the increasingly popular massive-MIMO techniques.

In order to enable multi-band operation and to improve connection quality through
diversity and multiple-input multiple-output (MIMO) techniques, several transceiver
chains are integrated on the same chip and connected to multiple antennas, each cov-
ering a sub-set of the desired bands. The addition of external filtering, i.e. SAW filter
or duplexers avoids signal degradation caused by mutual interference, self-interference
and out-of-band transmitter emissions but substantially complicate the board and the
Input/Output PADs. In this way, not only the cost of the system will be limited by
the external components, but also such a complicated routing limits system integration
scaling down, main feature of modern technologies. Therefore, minimizing the exter-
nal component counts represents a key goal in transceiver research, but it faces very
stringent requirements in terms of receiver and transmitter noise and linearity.

These system considerations are even more true, in the broadband scenario that char-
acterizes the new standards. Considering the design of a TX/RX chain: the transmitter
needs to keep the emission (out-of-band noise and non-linearity) in the receiving band
as low as possible, in order to avoid compromising the receiver performance. On the
other hand, RX design needs to be prompt to handle high interferers. Plus, in both
cases, power consumption is another important parameter (MIMO systems). This the-
sis is divided in two main parts, where a transmitter and a LNTA implementations are
proposed.

The used simulation environment is Cadence Virtuoso® System Design Platform.

Part I describes the design of a current-mode transmitter, based on a passive up-
conversion mixer that combines the I and Q signals into a virtual ground provided by

a closed-loop RF amplifier. In Chapter 1 a brief description of the new generation
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standards is provided, together with the design motivation. An analysis of the state-
of-the-art is carried out in Chapter 2, while Chapter 3 describes in greater detail the
proposed transmitter. Measurements results are summarized in Chapter 4, while Chap-
ter 5 concludes this part.

Part II reports the analysis and design of a broadband noise-canceling LNTA, aiming
at TVWS applications. Chapter 6 describes the TVWS scenario and explains the project
motivation. In Chapter 7 the review of similar implementations are analysed and the
LNTA topology is described. The simulation results are gathered in Chapter 8 and

Chapter 9 draws the conclusions of the second part.



Part 1

A Wideband SAW-Less
Transmitter Operating in
Closed-Loop with Embedded RF
Filtering



Chapter 1

An introduction to 5G

Modern communication standards demand wireless transmitter to cover a
wide carrier frequencies range and attaining increasingly channel bandwidths.
In the first part of this dissertation, the design of a wideband SAW-less TX
with embedded RF filtering, enclosed within a resistive loop is presented. This
chapter presents the 5G sub-6GHz environment, starting from the analysis
and considerations presented in [7] and lists the challenges related to SAW-

less architectures, in addition to general system considerations.

1.1 General considerations

The arrival of LTE (Long Term Evolution) has made an important change into people
everyday life, although it can be questionable that it had a larger impact than any other
technology to developed and emerging economies, giving benefits to any kind of user.

The mobile industry represents the world’s leader engine of innovation, because of the
exponentially increasing smartphone adoption and the high quality service provided by
the LTE. In most countries, in fact mobile is the main platform to Internet access.

However, this growing environment will keep rising, by extending the network coverage
even to rural areas, making the mobile services more and more affordable, providing
relevant content and increasing digital skills.

Starting with the availability of LTE data, an exponential growth of data consumption
is keeping approaching. It follows the Data flywheel effect, which combines mobility, good
network performance and desirable content into a virtuous cycle [7] (Fig.1.1).

At this point, as the user experience improves, the consumed data increases, following
the trend of 'data demand’ that has always been one of the main target of mobile
industry, since the arrival of LTE.

Actually, to provide the required higher throughput, new techniques have been devel-

oped, making the wheel running faster.
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Figure 1.1: DataFly Wheel effect

Mobile communications are now moving into the 5G world that can be considered an
evolution of the previous LTE but also a revolution, thinking about the 5G New Radio
(NR).

According to [7] the definition of 5G can be satisfied by driving the average data
throughput in tens of gigabits per second ranges.

The current 3GPP standards, moving towards the 5G requests, is able to provide 2 to

3 times greater data rates, exploiting new standardized methods (Fig.1.2):

e ¢MBB (Enhanced mobile broadband) based on growing the system capacity, aim-
ing at 1000x capacity. This aspect will characterize the sub-6GHz 4G and 5G

e uRLLC (Ultra reliable low latency communications) that is very important for
critical implementation, requiring high reliability and availability, in addition to

very low latency

e mMTC (Massive machine-type communications) strictly correlated to the IoT (In-

ternet of Things) applications, thus requiring low cost and low data rate

1.2 Towards 5G

As reported in Eq.(1.2) (Shannon-Hartley theorem) the capacity of a link depends on

the number of data streams, bandwidth and channel noise.

c(?) — MBlog]2] <1 4 ;) (L.1)
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Figure 1.2: 5G targets

where C is the channel capacity in bits/second, M is the number of channels (related
to massive MIMO applications), B is the bandwidth and % it the signal to noise ratio.
At this point, the main goal in modern standard is to increase the data rates, as

already stated. To achieve this goal it is possible to:
e increase the bandwidth
e increase the number of paths M
e increase the Transmit Power (S)
e reducing the noise (N)

Different techniques have been proposed to attain the required performance. Wider
bandwidth can been achieved through carrier aggregation (CA), the modulation order
has been improved and also MIMO is under deeply investigation.

Carrier Aggregation is a new technique in which different channels are used to cover
a wider bandwidth, with the help of a supplementary carrier.

Increasing the complexity of the modulation allows to increase the number of bits per
symbol or data rate. However, in order to obtain the expected results, the SNR must
be improved.

From the transmitter point of view, the RF amplifier must minimize the emission and
noise level. At the same time the TX should also be able to manage a wider dynamic
range, to maximize efficiency which is extremely important in these applications.

The number of paths is another key point, as deeply related to MIMO approach, used
to increase the mobile systems bandwidth, involving to send and receive more than one

data stream onto a single radio, exploiting at the same time the use of multiple antennas.
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Figure 1.3: Skyworks vision of the 5G ecosystem

Taking into account all the previous considerations, the RF front-end circuitry com-
plexity is increasing, in order to guarantee the claimed performance.

Fig.1.3 shows the 5G environment. There are two main frequency range of activities:
sub-6GHz and at mmWave. The first one represent the range of application of the
architecture proposed in this work.

In this frequency range, both traditional 4G LTE systems and modern 5G NR should
coexist. It follows that the design challenges (reported in the next section) are quite sim-
ilar to the typical LTE architectures. However, wider bandwidth for higher throughput
is an additional request.

Eventually, 5G represents the next step of the 4G architectures, where all the old

features need to be achieved and improved.

1.3 Modern standard communication platforms

5G communications below 6GHz are characterized by highly demanding New Radio
(NR) interface. Wireless transmitter should be able to cover a wide carrier frequencies
range, with channels up to 100MHz.

Compatibility with the previous standards is also a critical point, in fact the number of
frequencies and the coexistence of multiple standards represent a limit for the platform
costs and performance.

This aspect is even more critical considering the ever-growing approach of massive-
MIMO techniques, to meet the demanded high data-rate. This implies the need of
interactions among many antennas that further increase the complexity of the commu-

nication chains and platforms.
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Figure 1.4: Typical SAW-less scenario

5G communication operates both in TDD and FDD. In the former case, the isolation
between TX and RX is provided by the switching operation, the latter instead requires
the help of external SAW filters/duplexers in order to avoid an unwanted leakage from
the transmitter to the receiver. Both TDD and FDD have multiple bands of operation,
each one asking for a specific filter.

The several numbers of Input-Output (I0) PADs require to externally connect the
receiver to the transmitter and viceversa, strongly limiting the scalability of the CMOS
process. The chip dimension, indeed, can be dominated by the IO PADs number and
space occupation, making the possibility of exploitation of the technology scaling-down
harder.

Although each antenna is able to work in a wideband frequency range, the burden of
the external passive components will become unacceptable. Cost and performance will
be strongly affected, since SAW filters (and also duplexers) are bulky and costly. For this
reason, they become the dominant cost contributors and together with the complexity
of the board, they will impact the Bill of Material (BOM) in a significant way.

Hence, modern architectures need to eliminate these bulky, costly and above all not
tunable filters, which are not suitable for the state-of-the-art requirements (Fig.1.4).

However, removing the external filtering comes not for free. It actually makes the
transceiver design even more challenging. The most sensitive part of the transceiver (the
analog front-end) can be compromised, unless a different design approach is proposed.

There are two main issues, related to the leakage from TX to RX and they become even

more crucial in a wideband scenario, as the one of modern communication standards:

e linearity: the transmitted signal represents the biggest blocker for the small re-
ceiver signal, together with many other interferers. Along the RX chain intermod-

ulation or other non-linear effects may happen, causing undesired signals into the
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receiver bandwidth or compression of the chain. However, this is a main concern

of the RX design.

e out-of-band emission: out-of-band noise and non-linearity of the transmitter can
degrade the front-end performance, when falling in the RX channel, which is ac-
tually quite close to the TX, in a wideband scenario. It is therefore important to

keep the emission low, as it will be deeply described later in this work.

The architecture described in this thesis is quite innovative, as concern the design
approach and it is able to achieve a wide signal bandwidth, still maintaining the out-of-

band emissions low.



Chapter 2

State-of-the-art transmitters

State-of-the-art transmitters are presented in this chapter, which compares
the possible solutions, highlighting advantages and drawbacks of the different
implementations. This represents the starting point in the proposed trans-

mitter design.

Although current-mode passive mixers, followed by a base-band transimpedance am-
plifier is recognized as the most effective receiver architecture, because of its outstanding
linearity and noise, in transmitters several solutions are still researched with both active
and passive mixers. In fact, classic analog topologies, based on a RF pre-power ampli-
fier (PPA), are strongly limited by the efficiency-linearity trade-off, becoming even more
important under technology and temperature variations.

This section presents different approaches, coming from the state-of-the-art, to the

problem of TX design.

2.0.1 Power-mixer [1]

This work describes a fully reconfigurable multi-standard TX, reported in Fig.2.1. The
operation are in voltage-mode for the base-band that consists into a DAC and two
Biquad cells and it adopts an up-conversion power mixer. A variable gain V-I converter
works as interface between the two domains (BB and RF), driving the mixer in class
A/B.

This architecture, as a representative of power-mixer transmitter, eliminates the PPA

and achieves good linearity, without using pre-distortion, however it is not very efficient.

2.0.2 Direct-digital [2]

The ”all-digital radio transceiver” represents a recent trend, where the RF functions are
digitally implemented, but it suffers of large out-of-band noise due to quantization and

efficiency is quite poor. Moreover, in order to achieve the optimum linearity performance
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Figure 2.2: All digital RF transmitter

it needs pre-distortion that is not compatible with the massive MIMO approach, where
many antennas interact with each other.
In this work, quantization noise in the RX band is reduced using a FIR notch that

however costs extra power (Fig.2.2).

2.0.3 Voltage-mode passive mixers [3—5]

In literature, different and advanced transmitter architectures are based on voltage-mode
passive mixers. In order to achieve high mixer linearity and avoid early compression,
the voltage swing at the output must be constrained. It follows that either a low output
power is delivered or a PPA is still necessary, as noticeable in the reported works.
Plus, even if a higher output power can be achieved, the performance are shown in
back-off conditions.
Fig.2.3, Fig.2.4 and Fig.2.5 report three different voltage-mode passive mixers archi-

tectures, showing all the previously described drawbacks.
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2.0.4 Current-mode passive mixers [6]

Current-mode passive mixers are hindered by the issue of creating a good virtual ground
after up-conversion. For this reason, the idea of a transmitter architecture ”symmetrical”
to the state-of-the-art receiver is just a recent trend.

This work (Fig.2.6) describes a current-mode passive mixer, where a single-stage RF
amplifier closed in feedback through a N-path filter implements the virtual ground. The
transfer function is narrow-band (although the new standards are moving to wideband
solutions) and it is exploited to reduce the OOB noise.

The single-stage amplifier attains a limited gain, therefore a single-ended PPA has
been introduced, but it is not included inside the loop. For this reason, the linearity and

driving capability issues are simply shifted to the PPA level.



Chapter 3
Circuit description

The proposed current-mode passive mixers transmitter is explained in this
chapter, with a detailed description of the three-stage RF amplifier. A gen-
eral introduction to N-path filters helps understanding the loop gain behaviour
of the implemented TX that is qualitatively analysed, showing a band-pass fil-

tering function, helping to solve the stability issue of the closed-loop solution.

3.1 Proposed TX architecture

3.1.1 N-path filters

As well explained in [8], the idea behind the concept of ”N-path filters” goes back in
the history. In fact, in [9] a narrow band-pass (BP) filter was proposed, based on a
down-converter, a low-pass (LP) filter and an up-converter. Later, this basic concept
has been applied in the ”commutated networks” of [10], which implement a center-
frequency tunable switched-RC band pass filter and a band stop (BS) filter. However,
because of the lack of transistors, mechanical switches have been used.

In 1960 [11] N-path filters have been proposed as a sliced version of the circuit of [9],
which realizes a multiple (N) paths topology, where each path is active at a specific time

as reported in Fig.3.1.

S S
Vin 2/ wd Vout

Sn 1/ y Sn2/

7P P

Figure 3.1: N-path filter: basic idea
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Figure 3.4: N-path filter: one switches set

I Sy

V.J_

L
T

S]]/

Figure 3.2: N-path filter: RC low pass

SIZ/

S21

Su1

SZZ/

Sna/

S
Vin._m__z/

HH HH HE-

Vout

51,

A

S0

]

Vout

Vout

Designing LP (HP) filters is much easier than BP (BS) filters. On the basis of this

consideration, exploiting down and up-conversion, it is possible to realize BP (BS) filters,

based on LP (HP). Indeed, this is the general idea of N-path filtering, where instead

of performing an RF filtering, at first the signal is down-converted to base-band by the

first set of switches, then this down-converted version is lowpass (highpass) filtered and

finally, the signal is up-converted again (Fig.3.1).

Starting from Fig.3.1, the circuit can be simplified as follows:

e the LP filter can be implemented as a simple RC filter (Fig.3.2);

e the resistor R is connected in each phase, therefore it can be moved before the first

set of switches (Fig.

3.3);
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Figure 3.7: DC values stored on the capacitors

e the second set of switches can be removed, since when the switches are closed the

output signal can be taken after the input R (Fig.3.4);

A frequency domain analysis is reported in [11], while in [11-15] it is discussed the
time domain functionality.

Considering Fig.3.5, a simple time domain explanation can be provided, supposing at
first that the clock frequency is equal to the input frequency. In each cycle, the capacitor
is charged through the resistor at the input sinusoid value, with an RC time constant

that is very large, in particular much greater than the time the switch is closed.
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Figure 3.8: N-path filter: staircase approximation of the input signal

For this reason, the capacitance can charge just a little, each time the corresponding
switch is on, since it sees always the same portion of the input sinusoid (Fig.3.6). Hence,
after many cycles the dc voltage on the capacitance will be equal to the average value
of the sinusoid in that interval (Fig.3.7).

Eventually, the output signal will look as a staircase approximation of the input sig-
nal, which becomes closer to the real sinusoid as the number of phases and capacitors
increases.

On the other hand, if the input signal frequency is different from the clock frequency,
each time the capacitors will see a different portion of the input signal, with the results
of a final average DC voltage of the input signal equal to zero. It follows that for input
frequency equal to the clock frequency the output is equal to the input, while for different
frequencies the output is zero, resulting into a BP filter behaviour.

One of the main advantage of N-path filters is related to the way they can be im-
plemented. In fact, they are basically realized with switches and capacitors, making
CMOS technology the most suitable candidate for this kind of circuits. For this rea-
son, the technology scaling and improvements have led to a renewed interest in this field.
However, there are further positive characteristics. Indeed, the filter Q is extremely high
(depending on the ratio of RC bandwidth and clock frequency) and simply changing the
clock frequency, allows quick filter tuning.

As regards noise performance, the N-path filter shows good results, due to the zero
DC current through the capacitance that allows low in-band noise. At the same time,
the linearity is good as well since, in-band, the voltage swing across the switches is quite
small, while out-of-band the signals are attenuated. Furthermore, the power consump-
tion required to drive the switches scales with technology.

Unfortunately, this kind of circuits suffers of frequency folding and also harmonics
represent a big issue in their behaviour.

An interesting and deeper discussion about N-path filters and their applications is

also provided in [16] and [17], where LTI models of these time-varying architectures are
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Figure 3.10: Driver amplifier IM3 suppresion due to closed-loop operation

described and can be very useful, for a better understanding on how these circuits work.

3.1.2 Closed-loop TX

The architecture of the proposed transmitter is shown in Fig.3.9. The topology is wide-
band and, as the one described in [6], it is based on a current-mode passive mixer.

The base-band resistors R;;, (300 §2) perform the voltage-current conversion and to-
gether with the capacitors Cgp (5 pF) attain a first order low-pass filtering, setting the
input signal bandwidth to 100 MHz.

R, equal to 80 €2, represents the last base-band component. Its role is crucial both for
stability and noise performance, but it will be discussed in the following sections. The
direct (I) and quadrature (Q) base-band signals are up-converted by the current-mode
passive mixer and added up into the RF virtual ground, which is the bottle-neck of the
entire design. In fact, providing a good virtual ground at clock frequency (around GHz)
represents one of the main challenge in this topology.

In order to overcome this issue, the transmitter RF side has been realized as a three-
stage amplifier with a broadband resistive feedback (R = 170 ). This loop, not only is
able to provide the virtual ground but also performs the current to voltage conversion,

directly driving the primary of the output balun.
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The proposed topology is entirely closed-loop (no external RF PAD), which repre-
sents a new feature compared to the other state-of-the-art solutions. It follows that
some significant advantage of closed-loop systems, most of them distortion related, are
embedded into this architecture. In fact, the distortion of the push-pull output stage of
the amplifier is significantly suppressed by the loop.

Simulation results reported in Fig.3.10 compare the distortion generated by the output
stage when operating in open-loop with the distortion produced by the driver, when it
is enclosed in the proposed solution. At reasonable power level, an improvement of 12
dB can be observed.

However, closed-loop operation implies stability issues that, in this particular structure
have been solved in a non-conventional way. In fact, a N-path filter, switched at the clock
frequency, has been inserted as load of the second RF amplifying stage, as noticeable in
Fig.3.9. As explained in the previous section, its behaviour is band-pass, ensuring high
loop gain around the transmitter carrier frequency, while limiting the out-of-band gain.
In this way, differential loop stability can be achieved even with process and temperature
variations.

Eventually, all the advantages related to N-path filters, that is low power consump-
tion, good noise and linearity performance and easy tuning are inherent in this solution.
Above all, the circuit simplicity (only switches and capacitors are needed) allows com-
patibility with scaled technology, which is one of the main advantage of the whole TX
chain.

The following section will describe the loop gain behaviour, showing simulation results

that will help understanding in a qualitative way how this time-varying loop works.

3.2 Loop gain analysis

3.2.1 Linearity and stability considerations

The proposed architecture (Fig.3.9), being closed-loop, implies stability concerns. The
closed-loop RF amplifier consists of a three-stage topology that allows to achieve suffi-
ciently high gain. Unfortunately, the phase margin can be quite low, unless a solution
for compensation is introduced.

At this point, it is important to remember that the transmitter needs high gain just in
the bandwidth of interest, while out-of-band, not only for stability but also to improve
noise performance a filtering behaviour is preferable.

This supports the choice of a N-path filter as load of the second amplifier stage.
Basically, it corresponds to the introduction of controlled pole, realized with switches
and capacitors, which gives to the loop gain a band-pass shape, as noticeable in the

black curve of Fig.3.11. Fig.3.12 reports the phase of the loop.
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Figure 3.12: Loop phase w/o and with the rebalancing auxiliary mixer optimization

The N-path filter is clocked at the transmitter carrier frequency (fro equal to 1GHz),
ensuring in this way a good virtual ground in the desired channel bandwidth. It follows
that the loop works properly just in the frequencies of interest, while its gain starts
decreasing far away from the carrier, as required by the application.

Despite the simplicity of the network, the N-path filter design is quite crucial. The
switches needs to be big enough to manage the RF signals without introducing distortion
and the capacitors size must be chosen considering a trade-off between stability and

linearity performance, without neglecting the area consumption.
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Considering linearity at first, the value of the N-path capacitor is equivalent to 15
pF single-ended, resulting in a loop gain -3 dB bandwidth of about 23 MHz, above and
below the carrier frequency with a peak gain of 25 dB. Hence, until the loop is working,
it will manage to keep the distortion of the output stage low, as already explained and
demonstrated in the previous section.

In order to increase the Q of the loop gain, to achieve higher values, the N-path
capacitance must be increased. However, this will narrow the gain bandwidth, therefore
intermodulation products that fall far away from the carrier will degrade the distortion
performance, since not compressed by the loop. It follows that at very low frequency
offsets linearity performance will be better, but in a wideband applications fashion a
broadband loop gain represents a smarter choice.

As concerns stability, a qualitative and intuitive analysis is provided, which together
with simulation results served as a basis for the circuit design.

At first, once the N-path is inserted in the loop, three resonating structures are present:
the up-conversion mixer that with Cpp basically consists in another N-path filter, the
second-stage load N-path filter and the output balun. Considering that the Q of the
output balun is extremely low, the issue may concern the up-conversion mixer and the
N-path filter.

The BB capacitance, as already described sets together with the input resistance the
input low-pass filter cut-off frequency, and its value is quite low (5 pF). At the same
time, the N-path capacitance is set for a wide loop gain bandwidth to 15 pF. It means
that the poles of the two filters can be dangerously closed to each other.

Thus, to improve the phase margin (and also noise performance as it will be later
explained) another base-band resistance R, is put in series to the mixer, moving the
zero that is usually set by the on-resistance of the switches to lower frequencies, to
tackle the N-path pole.

Finally, the operational amplifier poles should be accurately set to higher frequencies,

so that their contribution could be considered negligible.

3.2.2 Effect of parasitic capacitance on N-path filter

In order to understand the effect of parasitics capacitance on the designed TX, a general
description of N-path filter affected by parasitics is required, since the mechanisms are
actually the same occurring in the proposed architecture.

Parasitic capacitances represent one of the biggest issue to deal with, when designing
a N-path filter. As reported in [17], the N-path filter can be modelled with a RLC tank.
For this reason, the intuitive expectation is that the addition of parasitic capacitance
at the input node will lower the center frequency of the filter, without introducing

loss. However, voltage losses are actually introduced. In fact, modelling the input
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Figure 3.13: The effect of parasitic capacitance on the N-path filter

impedance of the filter with a RLC tank, if the inductance L and capacitance C values
are independent from the parasitic capacitance, the value of the resistance R decreases,
increasing Cpq, value.

The transfer function of the filter reported in Fig.3.13a around the LO frequency (fro)
is [18, 19]:

Y,(j(wro + Aw))

T(wro + Aw) =
NCjAw *f Ya(G(Nm+Dwpo)
m=—o0

(3.1)

sinc( %) (1+mN)2

Following the rationale of [18], the series at the denominator of Eq.(3.1) can be called
Yery, thus Yj, of Fig.3.13a will become:

NCAw

}/in:Re{i/veff}_Re{Y:s}“‘j(M+Im{yeff}_lm{ys}> (3'2)

The effect of parasitic capacitance can now be studied, starting from Eq.(3.1) and
Eq.(3.2), with reference to Fig.3.13b. The circuit of Fig.3.13b is converted to the topol-

ogy in Fig.3.13c, to obtain an equivalent solution of Fig.3.13a.

RsCps+1
Rs//RswCps+1°

The transfer function of the circuit in Fig.3.13c from V;, to V. can be calculated as:

At this point, Ys(s) is equal to RSJ:RW
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Therefore, from Eq.(3.3) the new center frequency of the N-path filter can be computed
and it can be noticed (Eq.(3.6)) that it is shifted to lower frequency:

Imsinc®(%)
NC
Modelling the input impedance of the filter with a RLC tank (Fig.3.13d) is useful to

(3.6)

We =WLO —

understand the origin of the losses of the filter due to the capacitance. The values of

the components are described in the following equations:

1 1 14+ (Rs//Rsw R8C2 7
= — Re— ( // ) p(";LO (3'7)
Rm Rs + st 1+ (RS//RSW)2C%WLO
NC
On = Sginc(T) )
1
Lo—_ L 3.9
me%O (39)

It results that only the resistive part of the tank is affected by the parasitic capacitance,
indeed R, decreases as (), increases, causing filter losses.

In summary, the effect of parasitic capacitance of a N-path filter causes:
e lowering of the effective impedance, reducing the peaking of the bandpass filter
e shifting of the center frequency with respect to the desired value

The higher the switching frequency, the worse is the filter behaviour. Reducing the
harmonic contents of the filter, which corresponds to an increase in the number of phases,
can mitigate this effect. In fact, shortening the switching time will also minimize the
charge sharing between C' and C,,. However, if most of the parasitic capacitance is due

to the switches, then increasing the number of phase is not a suitable solution.
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3.2.3 Rebalancing auxiliary mixer

Considering the proposed transmitter, the N-path filter, introduced as load of the second
stage, really suffers the issue of parasitic capacitance, especially as concern the alignment
of the center frequency with the carrier frequency.

This happens because the RF nodes of this filter, corresponding to the output of the
second stage and the input of the third one, see a big parasitic capacitance, despite it
has been minimized as much as possible during the layout drawing.

For this reason, as shown in Fig.3.11, the center frequency of the loop gain is shifted
at a lower frequency. In literature, different solution to correct this alignment can be
found [18], based for instance on G, cells. The same option can be adopted also for the
closed-loop TX, but it will cost extra power consumption, directly proportional to the
amount of phase shifting.

It is instead possible, introducing an auxiliary mixer, to perform the rebalancing op-
eration without increasing considerably the power consumption and the complexity of
the system. As reported in Fig.3.14, an auxiliary mixer is added at the base-band side
of the filter.

It samples the voltage stored on the N-path capacitors, due to the RF parasitic ca-
pacitance Cpq, and it up-converts it on a variable capacitance C)..p, whose purpose is to
emulate the RF parasitic. However, the order of the sampling phases in the auxiliary
mixer is opposite with respect to the N-path one. For this reason, when the voltage
produced on C,.p is down-converted on the N-path capacitors, it appears as the image
signal of the one produced by Cl,q;, thus the two signals cancel out, reducing the shifting
effect.

Fig.3.11 reports the simulated loop gain when the auxiliary mixer is not active and for

different values of C,.p. It pops up that the peak has been moved back to the original
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Figure 3.15: RF OpAmp first and second stage

center frequency, which corresponds to a symmetrical loop behaviour with respect to
the carrier frequency.

Unfortunately, the peak gain is reduced, because of switched-capacitors contributions
caused both by the N-path and the auxiliary mixer. However, as also presented in
literature, the peak can be re-aligned but the losses cannot be recovered.

It results that a good trade-off between alignment and peaking needs to be found, when
dealing with this kind of applications, which is the reason of having a degree of freedom
in activating and de-activating the auxiliary mixer (through external programmability)

as in the proposed architecture.

3.3 Three-stage RF operational amplifier

This section gives a detailed description of the RF amplifier topology. The first stage
provides 12 dB of broadband differential gain. The second stage consists of a push-pull
transconductor loaded by a differential N-path filter, clocked at the carrier frequency
(fro equivalent to 1GHz). Eventually, the output signal is provided by the third stage,
a push-pull cascoded transconductor.

The N-path filter, introduced to keep the circuit differential stability under control,
is seen by common-mode (CM) signals as a large capacitive load. In addition, the up-
conversion mixer pole is also present. It follows that common-mode stability could be
undermine.

Fig.3.15 shows the schematic of the first and second stages of the RF amplifier.

The first stage design has been carried on, in order to drastically reject CM signals
up to frequencies well above the carrier, still providing at the same time enough gain to
achieve the required linearity and noise performance.

The NMOS-PMOS input stage presents AC coupled inputs, allowing to bias the NMOS
and PMOS with different DC voltages provided by the circuit in Fig.3.16. Basically,
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a current source injects the desired bias current (or a scaled replica) in two diode-
connected devices (NMOS and PMOS respectively) stacked onto a tail current source,
whose current is closed-loop controlled.

In fact, the proposed circuit Fig.3.16 is not only able to properly bias the gate of the
NMOS and PMOS devices, but it also sets the CM node (the sources of the two devices)
to a desired voltage. In fact, when the CM voltage departs from the target value, the
closed loop control, implemented with a simple operational amplifier (classic differential
pair with active load), changes the tail current value, in order to return to the supposed
operating condition. For this reason, the amplifier bias can be easily scaled down with
the supply voltage, as well as for the current.

Considering the small signal behaviour, the topology of Fig.3.15 basically consists of
two back-to-back CMOS differential pairs, which exploits current-reuse mechanism that
helps achieving a differential transconductance equal to twice the transconductance (g.,)
of each transistor. It follows lower current consumption and noise.

The differential pairs presents an active load of current mirrors that easily bias the

second stage, where the signal currents are also recombined.
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On the other hand, the common-mode transconductance corresponds to the parasitic
conductance to ground at the common-source node. At the same time, the CM load
impedance is twice smaller than the differential one, further increasing the required
common-mode rejection.

The bias currents are I1 = 608 A and Is = 2.4mA. The input decoupling capacitance
is Cgec1 = 2pF', while the load resistance is R; = 2kf).

The third (output) stage, reported in Fig.3.17, implements a cascoded class-A /B push-
pull topology that directly drives the differential load. This in quite innovative, with
respect to the state-of-the-art transmitters. In this way, the output voltage swing is
constrained between the supply rails, making the architecture compatible with deeply
scaled transistors even for 1.8V supply.

Despite the voltage swing (i.e. the voltage efficiency) is about halved, the current
efficiency is doubled, keeping the overall efficiency almost constant. Moreover, different
from all the previous transmitter, the output stage that is the output driver is included
in the feedback loop, allowing the output signal to closely approach the rails, without
degrading the linearity performance. In fact, as already demonstrated in the previ-
ous section, the distortion of this stage is killed by the loop, as in a usual closed-loop
operational amplifier.

The bias current is I3 = 4mA. The input decoupling capacitance is Cyeeo = 8pF.
The cascode bias voltages are internally set by a resistive voltage divider to the nominal
condition of Vg1 = 1.2V and Vpo = 0.6V, in order to leave enough voltage headroom to
the transconductor devices, when large signal occurs.

The output stage is actually implemented with sliced version of the circuit reported
in Fig.3.17, introducing a programmability degree of freedom. This helps reducing the
static current in case of low power delivering, in order to maintain good efficiency even
in this condition.

The differential output is eventually converted to single-ended, by an on-chip balun

with a turns ratio close to 1.



Chapter 4
Prototype and measurements

In this chapter the prototype measurement results are reported and compared

with the state-of-the-art solutions.

4.1 Systems considerations

The emission generated by the transmitter in the adjacent receiver bandwidths consti-
tutes one of the main challenge in TX design. This becomes even more important in the
state-of-the-art SAW-less applications. In fact, SAW filters do not represent an option
in wideband systems, since they are bulky, costly and lossy. Above all, these are narrow
band filters, characterized by en extremely low tuning capability.

For this reason, reducing TX signal emission has become a key point to meet modern

standard requirements of:

e out-of-band noise

e linearity

4.1.1 Out-of-band noise

If on the receiver side of the chain the in-band noise is crucial, for transmitter the biggest
issue is represented by the noise out-of-band. The traditional approach was to put a
SAW filter before the power amplifier to eliminate this undesired leakage, however, as
already mentioned, in recent years SAW-less applications are in order.

Therefore, a low-noise transmitter must be designed, optimizing the structure to pro-
vide some filtering along the chain.

Considering the proposed architecture (Fig.3.9), the main noise contributors (accord-
ing to theory and simulations) near the carrier frequency are represented by the feedback
resistors, followed by the base-band resistors. Then, the third contribution is given by
the amplifier input stage, whose noise transfer function would increase as the mixer

up-converted impedance drops.

26
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Figure 4.1: Out-of-band noise measurement setup

The resistors R, added in series to the mixer, not only improve the stability margin
(as explained in the previous section) but they also avoid the up-converted impedance
dropping, keeping the noise of the first stage at an acceptable level, until the filtering
effect of N-path occurs at large frequency offsets.

The procedure to measure output noise emission of an integrated transmitter is usually
the following: the RF output is connected to the spectrum analyzer through a SAW /du-
plexer filter chosen accordingly to the signal carrier. In this way, the stop-band of the
external filter will attenuate the transmitted signal, while the noise will pass unchanged,
with the exception of the insertion loss.

Thus, the noise can be measured avoiding the instrument saturation as shown in
Fig.4.1.

Actually, when the LO signals are provided with an external signal generator to the
on-chip dividers, a further SAW filter is used to attenuate the phase noise of the afore-
mentioned instrument.

Finally, it must be said that, it is quite hard to discriminate between noise and non-
linearities, during this kind of measurements, especially when the transmitted power
reaches the peak values.

For the proposed prototype the LO frequency has been set to 965 MHz, with a signal
frequency of 970MHz, delivering a power of 3 dBm after de-embedding the losses. In
this condition, the measured output noise at 80 MHz offset from the carrier is -153.5
dBc/Hz.

4.1.2 Linearity

4.1.2.1 ACLR

The Adjacent Channel Leakage Ratio(ACLR) or Adjacent Channel Power Ratio(ACPR)

measurement gives information about the linearity of the transmitter [20, 21]. This kind
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of unwanted emissions should be firmly restricted such that interference with the other
radio systems is kept low.

The adjacent channel emission level is one of the most important parameter in TX
architecture. It is generally defined as the ratio between the adjacent channel power,
integrated on a specific bandwidth, and the total delivered power in the transmission
channel as reported in Eq.(4.1):

I Saw /s PSD(f) df

T i e PSD(f) df

ACLR = (4.1)

where PSD(f) is the Power Spectrum Density of the transmitted signal. This concept
is clarified in Fig.4.2.

Basically, the adjacent channel powers come from spectral regrowth and non-linearity
of the amplification stages, which in the proposed architecture are reduced by the closed-

loop operations.
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4.1.2.2 CIM3

The Counter third order intermodulation products (CIM3) is more and more recognized
as another important linearity parameter in transmitter characterization. As reported
in [22], the CIM3 results from the 3"%-order intermodulation (IM3) product of signals
around fro and 3fro when using 25% or 50% duty-cycle LO signals for mixer driving.

In fact, if the frequency of the input signal is equal to fgp, after the up-conversion
mixer and the RF amplifier, the desired transmitted signal at fro+ fpp will be produced,
together with an undesired CIM3 component at fro — 3fpp.

In particular, for 25% duty-cycle LO, after the up-conversion of the base-band signal
(fBB), assuming a lower sideband I-Q rejection, the mixer output will show a component
at fro+fep and 3fro— fpp. These two tones are intermodulated by the non-linearity of
the amplifier, resulting in an intermodulation product at fro —3fpp at the transmitter
output (Fig.4.3).

From this rationale, it becomes clear that in order to reduce CIM3 contribution, the
odd harmonics of the LO signals should be suppressed. Different solutions have been
proposed in literature, such as harmonic rejection, but most of them requires calibration
or off-chip filtering components.

On the other hand, another possibility is to modify the LO signals duty-cycle or
number of phases, in order to suppress the LO harmonics. However, this solution,
which is actually the most suitable for the proposed transmitter, will put extra design
effort on the LO signals generators (dividers), implying above all an increase in power

consumption that will reduce the overall architecture efficiency.

4.2 Measurement results

The chip prototype, highlighted in Fig.4.4 belongs to a multi-project chip, implemented
in TSMC 28nm CMOS technology and its active area is equivalent to 0.28mm?. In order
to perform the testing, the chip has been bonded on a dedicated printed circuit board
(PCB) designed with the software Autodesk EAGLE.

An on-chip digital interface allows to turn on and off the desired circuit in the multi-
project chip. The programmability bits are provided off-chip by the SPI (serial peripheral
interface) NI USB-8451 (National Instruments), controlled by the dedicated software.
Once the chip is correctly programmed, it is biased through National Instruments current
(NI-9265) and voltage (NI-9263) modules, mounted on the National Instrument chassis
cDAQ-9171 (Chassis compactDAQ).

The chip was tested with an operating frequency equal to 1GHz, with the exception of

out-of-band noise measurements, where the LO frequency has been moved to 965MHz.
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Figure 4.4: Chip prototype
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Figure 4.5: Up-conversion gain

The LO signals are provided by the Agilent N5183A MXG signal generator and the 25%
duty-cycle is obtained with an on-chip divider.

The BB signals in case of a single-tone or two tones test are given by the Agilent
E8257D PSG signal generator, while in case of modulated signal test the input is pro-
vided by Agilent E4438C ESG Vector Signal Generator.

The output signal has been observed on the PXA Signal Analyzer N9030A.

The transmitter is able to achieve a maximum measured output power, delivered to
the load of 8 dBm, after de-embedding the cable and PCB (printed circuit board) losses
(around 1.7 dB).

The up-conversion gain is reported in Fig.4.5. The base-band resistors, as well as the
feedback one can be programmed through a digital interface. In fact, it is possible to

reduce their value in order to increase or decrease the up-conversion gain by 5 dB. It
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Ref 4.00 dBm

Center 1 GHz Span 200 MHz
#Res BW 100 kHz #/BW 1 MHz Sweep 58.4 ms

Total Carrier Power 1.320 dBrmv/ 45.00 MHZ ACP-IBW

Carrier Power

Figure 4.6: ACLR with modulated output spectrum

is noticeable that, in all the three gain configurations, a signal bandwidth exceeding
100MHz has been measured, aligned with the state of the art required bandwidth.

The measured output spectrum for a QPSK 50MHz-RF bandwidth modulated signal is
reported in Fig.4.6. The ACLR, in this condition, is equal to -40 dBc, for a corresponding
output power of 3 dBm.

Fig.4.7 shows the output spectrum for a single-tone input signal corresponding to 3.9
dBm output power, where the CIM3 is -47 dBc. The CIM3 has also been measured for
different BB frequency, with respect to the output power and the results are reported
in Fig.4.8. The CIM3 behaviour is quite interesting, in fact, for an output power of 3
dBm its value is better than -49 dBc for single-tone frequency offsets up to 25MHz.

As already mentioned, the out-of-band noise, considering an output power of 3dBm
at a frequency offset of 80MHz away from the carrier, corresponds to -153.5 dBc/Hz.
The measurement setup is reported in the previous section (Fig.4.1).

Table 4.1 summarizes the prototype measurements, in comparison with the state-of-
the art solutions that implement different kind of architectures, the one analysed in
Chapter 2. The active area of the proposed transmitter is lower than all the other
topologies that also have an on-chip balun, at the same time it is not much bigger with
respect to the solutions with an external balun.

The most noticeable result is represented by the RF bandwidth, which is equal to
50MHz. This value is more than twice with respect to the other implementations.

Although a wider bandwidth has been achieved, the other performance are aligned

with the state-of-the art. In fact, considering 3 dBm of average output power, the
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Mkr1 995.1 MHz
Ref 10.00 dBm 2.16 dBm

Center 1.00000 GHz Span 100.0 MHz
Res BW 910 kHz VBW 910 kHz Sweep 1.00 ms (1001 pts)

Figure 4.7: CIM3 at 3.9 dBm output power spectrum
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Figure 4.8: CIMS3 for different single tone output power and BB frequency

ACLR is -40 dBc and CIM3 is -49. These values are close to the one of [6], which also
exploits a current-mode passive mixer, but reaching a 4 dB lower delivered power.
Other implementations, such as [2, 4], achieve better results but exploiting digital
pre-distortion. [5] shows very good CIM3, attained trapping the third harmonic of the
LO signal, unfortunately this is not beneficial for the ACLR, which is almost equal to
the one achieved in the proposed TX, but with a narrow band.
The out-of-band noise has been measured with a carrier frequency of 965MHz and a

signal frequency of 970MHz. The delivered power is equal to 3 dBm, after de-embedding
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This [1] [3] [4] (2] (5] 6]
work ISSCC’13 | ISSCC’'15 | ISSCC’16 | ISSCC'17 ISSCC’18 ISSCC’16
Technology 28nm 55nm 28nm 28nm 28nm 14nm FinFET 65nm
SC GLoop+
Closed loop . .
Architecture passive power l:ﬂoi\)z(v:rr QDAC RQDAC AgXéAS No;c&;(zrlter NG:lll; tf)i(l)to:rt+
mixer P PAD
Integrated YES YES NO NO YES YES NO
balun
Chip area 0.28 1.3 0.25 0.22 0.82 1.04 0.038
[mm~]
Supply
Voltage[V] 1.8/1.2 1.8 0.9/1.8 0.9/1.1 0.9/1.5 NA 1.1/2.5
PO"(";ZS‘)’“S‘ 57.6 101 41.3 11.1 150 113.2 31.3
[mW] (3) (4) (1) (-3.5) (3) (3.1) (-1.2)
Pout max -
(dBm] 8 6 1 3.5 3 6.3 -1.2
RF BW
(M) 50 20 20 20 20 20 10
n(Pout) 3.7 2.4 3 1 1.3 1.8 2.4
[%] (3) (4) 1) (-3.5) (3) (3.1) (-1.2)
CIM3(Pout) 49 57.1 <-50 <-50 -67 -62.6 49
[dBc] (3) (2.3) (1) (-3.5) (3) (2.1) (-1)
ACLR(Pout) ~40 ~40.9 ~42 ~49 61 447 ~41.6
[dBc] (3) (4) (1) (-3.8) (0.9) (3.1) (-1.2)
G NO NO NO YES YES NA NO
istortion
Noise
Gotfot -153.5 154 -155 -158 -155 -157.8 -156
@80M @45M @45M -163 @80M @45M
[dBc/Hz]

the losses of the SAW-filter used to perform the measurements.

Table 4.1: Table of comparison

dBc/Hz, at a frequency offset of 80MHz.

Another outstanding results for the closed-loop TX, considering the lack of an external

Its value is -153.5

PA, is the maximum delivered output power that corresponds to 8 dBm, which is the

highest compared with the competitors.

The power efficiency of the proposed design achieves 3.7% for a delivered power of 3

dBm. This is the best result with respect to the other designs, with the exception of [4].

Nonetheless in [4], the maximum transmitted power is 4.5 dB lower and it also relies on

pre-distortion.
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Conclusion

In the first part of this dissertation, a closed-loop transmitter based on current-mode
passive mixers has been presented.

The base-band stage performs a voltage to current conversion, while introducing a
low-pass filtering function, with a cut-off frequency of 100MHz, which represents the
signal bandwidth.

The up-conversion passive mixer combines the I and Q currents into a RF virtual
ground, implemented with a three-stage RF amplifier enclosed into a wideband resistive
feedback.

The first stage of the OpAmp is a current-reuse pre-amplifier, realized with two
back-to-back differential pairs that allows to achieve a wideband differential gain, while
strongly rejecting the common-mode signals. Its output currents are recombined into a
DC-coupled transconductor, which drives a N-path circuit that ensures the circuit sta-
bility. Finally, the output stage is a push-pull cascoded transconductor that constraints
the output signal within the supply, allowing circuit scalability.

The closed-loop structure improves the linearity performance suppressing the output
stage non-linearities, without pre-distortion, keeping the efficiency quite high.

Measured results shows a RF bandwidth of about 50MHz. Considering a 3 dBm
delivered power, the average power consumption at 1.8V of supply voltage is around
57.6 mW, resulting in an efficiency of 3.7%. The ACLR is -40 dBc, while the CIM3 is
-49 dBc. The noise at 80MHz offset from the carrier is -153.5 dBc/Hz.
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Chapter 6
System considerations

The second part of this dissertation deals with the 40nm design and sim-
ulations of a low-noise transconductance amplifier for TVWS applications.
The standard covers a sub-GHz spectrum range and demands a broadband
solution, as most of the cases in modern communications. An architecture
analysis, concerning RX IIP2 is also presented in this chapter. Most of the
material here presented comes from [23] (IEEE copyright 2017) and [24]
(Elsevier copyright 2018).

6.1 TV-White Space environment

Recently, an efficient utilization of the available radio spectrum is becoming an important
issue in signal communication. The frequency band from 54 to 862 MHz shows several
”spectrum holes”, also known as ”white spaces”, resulting from the transition from
analog to digital T'V. In these available channels, the spectrum is used just for a small
fraction of time or even not used at all. Fig.6.1 gives a qualitative illustration of the

explained spectral distribution.

WHITE SPACES

location

frequency

Figure 6.1: Spectrum holes
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Figure 6.2: Second order distortion in wideband receiver

In order to increase the spectrum utilization efficiency, new advanced techniques such
as spectrum sensing have been proposed, allowing dynamic spectrum allocation strategy
[25]-[26]. From the radio terminal point of view, the ”white spaces” environment presents
several challenges not only in terms of wideband spectrum sensing but also in detection
and avoidance of big interferers [27-30].

In conventional architecture based on narrow-band receiver, the large out-of-band
(OOB) interferers are eliminated by fixed-frequency external pre-selection surface acous-
tic wave (SAW) filters, which however are bulky, expensive and not tunable [31-33].

For this reason, the general trend is to replace these filters with on-chip circuit solu-
tions, moving the bottle-neck to receiver design that needs to achieve wide bandwidth
and high linearity. Different proposal have been focused on IIP3 improvement [34, 35].
Nonetheless, IIP2 is as well important.

As reported in [36], considering the wideband input spectrum, LNA IIP2 is a big
concern. The spectrum profile of a classical wideband environment is shown in Fig.6.2,
where even before down-conversion, the IM2 product of two interferers at frequency f;
and fo may fall on top of the wanted signal (as fo-f;). Moreover, the use of external
balun should be avoided to lower costs and area consumption.

Considering all the previous requirements, a single-ended input balanced output low-
noise transconductance amplifier (LNTA) is a suitable candidate to be implemented into

a receiving chain for TVWS applications.

6.2 Architecture analysis

The TVWS environment is characterized by several, large interferers, even up to -8 dBm
[25], which distribute along the wide bandwidth. Therefore, in this scenario, receiver
design is very demanding in terms of linearity that becomes a key challenge, introducing
the need of high ITP2 and ITP3.

The current-mode receiver, as stated at the beginning of this dissertation, represents
the most suitable architecture that allows to achieve high linearity and broad bandwidth.
The LNTA output signal, which can be either single-ended or differential, is processed

by passive mixers and baseband (BB) transimpedance amplifiers (TIAs).
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In literature, different techniques to improve the receiver ITP3 such as derivative super-
position, feedback and post-distortion [35] has already been proposed, since third-order
intermodulation and linearity have been deeply investigated in recent years, due to the
standards stringent requirements. For this reason, this analysis will mainly focus on
ITP2, which in a direct down-conversion receiver is usually degraded by the mixer [36]
[37] [38] that produces second-order intermodulation (IM2) terms because of four mech-
anisms: 1) threshold (Vi) and 2) size () mismatch of the MOS devices working as
mixer switches; 3) coupling of the RF signals to the LO lines and 4) coupling of the LO
signals to the RF lines.

The architecture of the receiver strongly affects the second-order intermodulation
product. In Fig.6.3a, a receiver model, where the LNTA presents a single-ended output
and the mixer is single-balanced is reported; otherwise Fig.6.3b shows a balanced output
LNTA followed by a double-balanced mixer. Typically [39], broadband noise-cancelling
receivers present, before down-conversion, differential but unbalanced signals.

This architecture (Fig.6.3c) consists of two single-balanced mixing paths, which present
different base-band transimpedance gain, to achieve noise cancellation together with a
further BB recombination stage. In this case, it is possible to examine the circuit, as
concern the ITP2, as a single-balanced down-converter.

In Fig.6.4, the simulated ITP2 for a SB and a DB receiver are reported, where the
effect of the previous four mechanisms can be studied one at a time. It can be noticed
that the ITP2 of SB and DB down-converters is equal and quite high in case of 8 or Vi,
mismatch (Fig.6.4a and Fig.6.4b).

On the other hand, Fig.6.4c shows the IIP2 due to coupling effects between the LO
and the RF signal lines, modelled with a capacitor Ceoupl. This is often the dominant
contributor in a single-balanced down-converter, where a large IM2 generates if the LO
signal couples with the single-ended RF line. Instead, in the double-balanced mixer, the
undesired signal couples onto differential lines; therefore, to a first order approximation
it can be seen as a common-mode contribution. For this reason, the IIP2 of a SB receiver
is expected to be much worse with respect to the DB receiver case, as proved in [39].

On the basis of the previous analysis, for the IIP2 to be high, a double-balanced
architecture is required, leading to the need of a balanced outputs LNTA. However, in
a broadband scenario, the IIP2 of the LNTA is as well important and could be easily
achieved with a fully differential LNTA topology. Unfortunately, this solution needs
an input broadband balun, which will potentially limit the bandwidth and increase the
costs.

Therefore, the next chapter will describe in deep details a single-ended input balanced
output LNTA, with a self-calibration loop for IIP2 optimization. Furthermore, a noise

and distortion analysis of the circuit will be provided to support to the design choices.
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Chapter 7
Circuit description

This chapter reports a review of the LNA aiming at similar applications,
presented in literature. An analysis and description of the proposed noise-
cancelling LNTA is also proposed, together with linearity and noise consid-

erations.

7.1 Review of noise-canceling Low-Noise Amplifiers

Noise-cancelling architectures perform broadband low-noise amplification, achieving at
the same time high linearity performance [39-53]. [40] describes a broadband, inductor-
less common-gate (CG) common-source (CS) LNTA, where the noise and third order
distortion of the former stage (CG) is cancelled out by the parallel high-transconductance
of the latter (CS). However, its output is single-ended, making this LNTA not suitable
for TVWS or generally speaking, broadband applications.

The LNTAs reported in [41]-[43] present the same issue as the previous architecture.
In this case, [41] and [42] exploit the PMOS and NMOS complementary properties
to improve the second-order linearity performance, while [43] aims at improving ITP3
through derivative superposition techniques.

[44]-[48] show low-noise amplifiers with differential outputs. In [44] the noise-cancelling
condition is fulfilled at the differential output voltage, loading the output of the common-
source and common-gate stages with resistors of different values. This rebalancing oper-
ation is needed, because (for low-noise) the CS transconductance is larger than the CG
one. In [45] and [46] the same topology is improved adding a local feedback between the
CG-CS stages, allowing a reduction in current consumption of the common-gate, still
achieving noise cancellation.

The introduction of a linear feedback from the common-mode output voltage to the
input is a good solution to cancel the IM2 product of the low-noise amplifier as explained

in [47]. [48] proposes another interesting topology, consisting of a resistive-feedback
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Figure 7.1: Proposed CG-CS noise-cancelling LNTA

LNA, which exploiting an LC tank load, where the inductance value guarantees the
output voltage balance, is able to perform tunable band-pass filtering.

Unfortunately, all the previously presented solutions work with a voltage-mode output
with the addition of a further RF transconductor, resulting in early compression and
low ITP3.

Moving the voltage amplification and rebalancing operation at base-band level, that
means working at RF only in current-mode will help improving the linearity performance,
since at BB, large OOB blockers can be easily filtered out [39] (model in Fig.6.3c). The
drawback of this architecture comes form RF-LO coupling; in fact, if the LO signal
couples on the two unbalanced RF lines, just a small percentage will cancel as common-
mode, limiting the ITP2 of the receiver as in a SB mixer front-end. Moreover, to achieve
the noise-cancelling condition, the signals at the base-band stage need to be correctly

recombined, requiring an additional stage.

7.2 Proposed noise-canceling LNTA

In order to meet the previously discussed requirements, the proposed LNTA shows a
single-ended input and balanced output signals [23]. The topology, reported in Fig.7.1,
is an improved version of the classical CG stage, combined with a CS path, to perform
noise and distortion cancellation as already reported in the previous section.

The first improvement regards the addition of a local feedback between the CG stage

and the cascoded CS stage, which allows to lower the current consumption in the CG
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branch, as similarly reported in [45]. The second one is the introduction of a mirror-
based current multiplier at the output of the common-gate to obtain balanced output
signals before down-conversion.

Considering the first point, the gate of the common-gate device MN2 (MP2) is con-
nected to the source of the CS cascode transistor MN3 (MP3), corresponding to node
A (B) in Fig.7.1. In this way, the LNTA input impedance is reduced by a factor 1+G,
where G is the gain available at node A (B), given by the CS stage acting as an invert-
ing amplifier (i.e. 14gm MN1/gm,MN3 Or respectively 14gm MP1/gm,Mp3). In this way, the
transconductance of the common-gate device MN2 (MP2) can be reduced, still main-
taining 50 €2 matching, leading to the possibility of a lower bias current for the CG
branch, which not only means less power consumption, but also the CG can be biased
with large resistors, instead of external choke inductors. It follows a reduction in area
and cost, an improved bandwidth and still good noise performance.

The LNTA has been designed for G equal to 1, that is cascode and CS devices
have the same transconductance (gm MN3=¢m MnN1) and the CG transconductance gm cq
(gm,MN2+gm MmP2) is about 10 mS.

It is noticeable that the LNTA noise and distortion performance are not degraded, even
though the impedance at the source of the cascode devices (MN3, MP3) is lowered by
the local feedback, because noise/distortion contribution of MN3 and MP3 is cancelled

out at the differential output, as intuitively shown in Fig.7.1. In fact, looking at Fig.7.1,
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noise/distortion of the cascode MN3 is modelled as a current generator icasc. Part of this
current (iq) will appear at the drain of MN3 and flow through MN1. This current will
cause a voltage iq/gm MN1 to appear at the gate of MN1, resulting in a current ig flowing
in the common-gate branch as well as a current (gm mp1/9m MN3)iq flowing into MP1. At
this point, the total current at the positive output is i;rut:ﬁ(id/gvaNle) and the one at
the negative output is g, =44 (gm,MN1+9m,MP1)/gm,MN1- Since S=(gm MN1+9Im,MP1)Rs,
noise and distortion of MN3 cancel out at the differential output, as well as noise/dis-
tortion of MP3.

As regards the second topology improvement, in order to maintain a low noise figure
(NF), the transconductance gain of the CS stage gm,cs (gmMNi1+gmmp1) is usually
designed to be around 2-4 times 1/Rg, on the other hand the transconductance gain
of the CG is usually equal to 1/Rg to ensure input matching. Unfortunately, this will
lead to unbalanced RF signals at the output of the two transconductance paths (CS and
CG), which will need to be rebalanced prior down-conversion to provide high receiver
11P2.

In order to rebalance the signals, a non-inverting amplification should be apply at the
output signal current of the CG branch. [41] exploits a classic current mirror Fig.7.2a.
However, this solution introduces considerable noise, while applying an unwanted sign
inversion. A mirror-based current multiplier (MBCM) in Fig.7.2b is proposed, exploiting
the low loading given by the following mixing stage.

In this circuit, instead of taking the scaled replica of the input current at the drain of
the mirroring device, as in a classic mirror, the output is taken at the common source
of the two transistors, providing higher gain and correct amplification sign. In fact, the
classic mirror provides a current gain 5 equal and opposite in sign with respect to the

mirroring factor m, while in the MBCM the current gain S=m+1.
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In the standard mirror, the total input-referred current noise is:

. 1
ignstd = K TYgm (1 + 3 (7.1)
Considering equal current gain, the input-referred noise current in the MBCM corre-
sponds to:
. 1
iz o = 4KTygm(1 - B) (7.2)

A noise reduction factor can be calculated Eq.(7.3), taking the ratio of Eq.(7.1) and
Eq.(7.2) and its values are reported in Fig.7.3 as a fuction of 3.

Z-zzn,std _ B +1

)
Yin, MBCM p-1

(7.3)

It can be noticed that for S up to 4, considered a reasonable set of values in this
application, the noise introduced by the MBCM with respect to the standard mirror is
much lower. The LNTA has been designed for a 8 equal to 2, which results in a noise

reduction factor of 3.

7.3 LNTA IIP2 analysis and optimization

The previous section widely stressed the importance of the second order inter-modulation
in a broadband scenario. Although the receiver has been designed in order to meet
the high ITP2 specifics, optimizing the LNTA IM2 is also quite relevant to achieve the
application requirements. Indeed, this section deals with the second-order distortion
analysis with reference to Fig.7.4. The contribution of the two amplifying stages (CG
and CS) are studied one at a time, in order to check which one affects the distortion at
most.

The common-gate device MN2 introduces a second-order intermodulation contribution
2

that is modelled with a current source Z'CGZQ;LMNz(l +G)%v2,, where ganNQ represents
the second-order non-linear transconductance of the CG device MN2 and G is the am-
plification of the input signal, given by the common-source device MN1 and its cascode
MN3 combined in the local loop.

At this point, half of this current icg is seen at the non-inverting output, amplified
by the current gain (3, while the other half is absorbed by the source resistance R,
because of impedance matching. This portion of icg will appear at the inverting output
multiplied by a factor gm cs/gm,cc = S without changing polarity.

Therefore, the IM2 contribution of MN2 will be rejected at the differential output,
where it behaves as a common-mode. This rationale strictly holds for in-band IM2,
that is in a frequency range where the impedance matching is strong and it can also be

applied to MP2, MN3 and MP3.
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Figure 7.4: LNTA IM2 generation and propagation

Moving the analysis to the common-source device MN1, its distortion contribution
is represented with a current source z'cs:g;LMva?n. At the drain of MN1, because of
the local loop (MN1, MN2 and MN3) the impedance is low, meaning that only a small
fraction of icg, aicg, will be injected in the inverting output. The other part, (1 —«)ics
will be mirrored at the non-inverting output, multiplied by a factor 1/(gm,csRs) at first,
then amplified by (= gm csRs).

Hence, the IM2 contribution of MN1 (as well as the one of MP1) at the differential
output will appear unchanged and equal to icg, making it the dominant factor in second-
order distortion of the LNTA.

A possible solution to adjust the LNTA IIP2 relies on the complementary topology of
the amplifier, which allows to cancel out the IM2 exploiting the opposite polarity of the
two second-order transconductance of MN1 and MP1.

Usually, the devices are biased around a sweet spot, that unfortunately leads to sharp
ITP2 degradation across process corners, voltage and temperature variations [40] [44].
However, the introduction of an automatic control loop is able to keep the LNTA I1P2
under control (Fig.7.5). The PMOS side of the common-source branch is divided into
18 slices: one slice is fixed (always connected), while the others can be turn on and
off through control bits (6 binary coded), allowing the control loop to set the effective
size of MP1. The common-mode feedback (CMFB) sets the gate bias voltage of MP1
(Vemp1), which in presence of a large RF signal applied at the LNTA input, is able to

vary in order to keep the average currents of MP1 and MN1 equal to each other. Vgumpy
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will stay constant, even in presence of a large RF signal, if g;;LMNl = _9:11,MP1’ which

represents the optimum condition for ITP2.

This optimum case can be detected considering the variations of Vayp: of the main
LNTA with respect to its replica, where no RF input signal is applied. This circuit is
turned on just in case calibration is needed, avoiding wasting power. Fig.7.6 reports the
comparison between the LNTA IIP2 with enabled and disabled control loop, showing
a typical value of 59 dBm that drops to 32 dBm in the worst corner, when the loop is
disabled. In case of enabled loop, the IIP2 is ensured to be at minimum 54 dBm across

all the corners.
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7.4 Baseband noise analysis

In Chapter 6 a comparison between the receiver architectures, claims the double-balanced
topology to achieve better performance in terms of second-order distortion with respect
to the unbalanced one.

However, the proposed balanced LNTA, suitable for double-balanced mixing (Fig.6.3b)
presents an additional advantage, concerning the noise contribution of the BB opera-
tional amplifiers. In fact, as already explained, if the LNTA outputs are unbalanced, the
need of recombining signals at base-band level demands the use of two single-balanced
mixer, each one followed by two TIAs and an extra recombination stage (Fig.6.3b).
Moreover, to properly perform signals recombination, the BB stages that follow each SB
mixer provide different transimpedance gains.

Modelling the opamps noise with an equivalent input noise source v,, whose power
spectral density is 4KT R,,, where R, is the equivalent noise resistance, a brief compar-
ison of the BB noise contribution in the two architectures can be provided.

Assuming equal total power consumption, each of the four opamps in the unbalanced
topology (Fig.6.3c) burns half power with respect to the balanced one (Fig.6.3b). It
follows that the equivalent noise resistance Ry of the unbalanced BB opamps is twice
that in the balanced one (R,up = 2R,BB).

Furthermore, taking as reference Fig.6.3, the output load of the LNTA of the balanced
and unbalanced receiver is modelled as a capacitance for the CS path as well as for the
CG. Therefore, the switched-capacitor approximation described in [54] can be used to
compute the base-band driving impedance.

Now, considering the source resistance and the BB stages as the only noise sources, it

is possible to calculate the total output noise contributions:

2 Gsig 27['2
UPORT,out = 8KTRS 9 g (74)
2
Vhppout = AKTRopp2 |:G$L,BAL + <Gn,BAL - 1> ] (7.5)

2 2
”?%nss,out =4KT2R,pp2 [G?L,UNBI + (Gn,UNBl - 1) + G%L,UNB2 + (Gn,UNBQ -1

(7.6)
where: Y
C2V2 Ry
Gsig = R (7.7)
Rl /
Gn,BAL =1+ chk Cl + 02 (78)
R
Gnunpl =14 — fa.C1 (7.9)

B
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Figure 7.7: Receiver base-band Noise Factor

Gnung2 =1+ Ry feCa (7.10)

In this analysis, the load capacitance of the common-source branch is considered
equal for both balanced and unbalanced architecture (C7), while the output load of
the common-gate branch in the balanced structure (C’é) is equivalent to the one of the
CG branch of the unbalanced (C2) plus the parasitic capacitance of the mirror-based
current multiplier. Combining the previous expressions, the receiver noise factor (Fpp)

due to BB and source contributions can be calculated in this way:

2 2
VR, 55,0utUPORT out
BB,oU > (7.11)
8KTR, (G;‘g )

resulting into the following expressions for the balanced and unbalanced architectures

Fpp =

respectively:
2

4RsR,BB

FBal,gen: {1+S"

2
% I [1 +2 (]j;lfck(Cl + Cé)) + 2};1.]00[4:(01 + C;)] } (7.12)

2 16RsR,, C? C
Flimb.gen = 7T{l  —onBE [1 + (Ryfu)? (; + C§> + Ry fo (1 + 02>] } (7.13)
8 R B B
Eq.(7.12) and Eq.(7.13), if C; = Cy = C’é = Cpqr are approximated as follows:
72 ARsR, BB Ry > R
Fpg = =414 20 0BB 1 Lo Mp o0 ) a2t o 7.14
= g [ n(G ) cafaacil} o

2

2
Fynp = 7;{1 + MRSR% |:1 + <R/81fck0par) (1 + 52) + Rﬁlfckcpar(l + B):| } (7-15)
1
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In the unbalanced topology, a BB transimpedance of the CG path § times higher than
that of CS path is required, therefore the opamp noise will be affected by a higher gain.
Upon recombination, the CG path will give higher noise contribution, since the output
signals are equal.

In the balanced case, instead, the noise is equal to the one of the CS path of the
unbalanced receiver.

Fig.7.7 reports the comparison between the calculated and simulated Fpp of balanced
Eq.(7.14) and unbalanced Eq.(7.15) LNTA receivers as a function of R, pp, considering
B8 = 2. It can be noticed that to obtain the same Fgpg, the R, of the opamp in the
balanced architecture can be 2.5 times higher than the one of the unbalanced topology,
resulting in significant power saving.

Finally, since good agreement between calculated and simulated results has been ob-
served, it is possible to rely on the computed values of Eq.(7.12) and Eq.(7.13) with
respect to C;, in order to check how greater the parasitic capacitance of the mirror-
based current multiplier should be, to make the noise factor of the balanced receiver
become worse than the one of the unbalanced.

Fig.7.8 reports the above mentioned results. In particular, Fypp gen is constant, since
it does not depend on C’é; on the other hand, Fgg gen increases proportionally with C’;,
becoming higher than Firpp, gen for C; equal or greater than 520 fF'.

Considering a CS capacitance C7 = 300fF and a CG Cy = 200fF, having C'é =
520 fF corresponds to the sum of the CG contribution of 200fF plus a mirror parasitic
capacitance of 320fF, which is quite unlikely in very scaled technologies.

Hence, even as concerned noise performance of the entire receiving chain a good design

of the balanced LNTA achieves better results compared with the unbalanced counterpart.
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Simulation results

The 40nm design has been simulated and the results are summarized in this
chapter, where a comparison table shows the advantages of the proposed so-

lution with respect to the state-of-the-art.

The proposed architecture was designed and simulated in 40nm TSMC CMOS tech-
nology, in order to achieve the TVWS requirements. The LNTA, shown in Fig.7.1, is
biased with 260 pA in the common-gate branch, while the common-source branch draws
1.45 mA. The total LNTA power consumption is 3 mW, considering the 1.8 V power
supply. The diode-connected device of the mirror-based current multiplier presents a
battery (resistive voltage drop of 400 mV) and a bypass capacitor, which provides an
optimization of the CG branch voltage headroom.

The double-balanced mixer that follows the LNTA is clocked with a 25% duty-cycle
LO, injecting the signal current into the base-band stage. The TIA transfer function
introduces a 10 MHz pole, which is aligned with the TVWS specifications. The opera-
tional amplifier of the BB stage is a three-stage topology with double zero compensation,

similar to the solution adopted in [40]. The unity-gain bandwidth is 1.5 GHz, with a

This work  [40] [44] [45] [43] [41]
Freq [GHZ] 0.1-1 0.8-2.1 0.2-5.2 0.2-3.8 0.3-1 0.15-0.76
Vdd [V] 1.8 1.5 1.2 085 3.3 1.8
Pdc [mW] 3 174 21 32 16 24.4
NF [dB] <2.6 2.6 <35 3.541 <27 2.9
s11 [dB] <-20 -8.5 <-10 <9 <11 NA
LNA TIP3 [dB] 1 16 >0 38 >12 95
LNA IIP2 [dBm] 54 NA >20 NA NA NA
Technology [nm] 40 130 65 130 130 180

Table 8.1: Table of comparison
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Figure 8.1: Simulation results

current dissipation of 3 mA that corresponds to a signal path power consumption of 13.8
mW.

Fig.8.1a reports the simulated s;; that is lower than -20 dB, resulting in good input
matching from 100 MHz to 1 GHz. At this operating frequency range the receiver noise
figure (NF) varies from 3.5 to 3.9 dB, with a LNTA NF of 2.6-2.7 dB. The simulated
down-conversion gain is equal to 35 dB with a -3dB drop at 10 MHz, as it can be noticed
in Fig.8.1b

The TIP3 of the receiving chain has been simulated with two 5 MHz spaced tones and
it is equal to 1 dBm, as well as the stand alone LNTA IIP3 (Fig.8.2a). Considering an
out-of-band (OOB) blocker at 100 MHz offset from the carrier frequency, the in-band
gain compression is equal to -4 dBm for the entire receiver chain and -3 dBm for the
LNTA (Fig.8.2b).

The LNTA transconductance gain is reported in Fig.8.2¢c. The use of the MBCM allows
to achieve good balancing between the output current of the CG and CS signal paths,
whose mismatch is always lower than 0.5 dB. For this reason, the receiver contribution

to the IM2, mainly due to mixers coupling effects, can be considered negligible. Hence,
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the RX IIP2 is affected by the LNTA (Fig.7.6) that can be considered the bottleneck of
the whole chain.

The simulated LNTA performance are summarized in Table 8.1, in comparison with
other LNAs, designed for similar applications. [41] and [43] also show simulation results,
while the others report measurements. NF and power dissipation of the proposed solu-
tion are equal or better than all the others. The ITP3 is also better than [44] and [45].
Although compared with the other three designs the IIP3 is lower, it can be pointed out
that [40] and [42] need calibration to perform reliable distortion cancellation, while [43]
adopts a design optimization that is suitable also for the proposed work. Finally, the

IIP2 is also higher than the one presented in the table.
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Conclusion

This work describes an inductorless, noise-cancelling CG-CS LNTA. A mirror-based
current multiplier has been introduced into the common-gate branch, providing signal
recombination at the RF side of the chain, which allows double-balanced mixing. In this
way, the noise-cancelling condition is achieved, as well as better distortion and noise
performance of the entire receiver. The additional calibration algorithm, controlling the

LNTA biasing, keeps the ITP2 high enough for TVWS applications.
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Appendix A

TX output spectrum

measurements

In this brief, further measurement results concerning the closed-loop transmitter de-
scribed in the first part of this thesis are provided.

Fig.A.1 reports the result of the two tones test: the IM3 values are reported with
respect to the power of one of the two output tones. If an input sinusoid is applied at
different base-band frequencies, up to 50MHz, which corresponds to a RF bandwidth of
100MHz, at the output of the TX two tones will appear, together with their intermod-
ulation products.

This measurement gives a further indication of the transmitter adjacent channel emis-
sion. In fact, considering an output power of 0dBm for the single tone, meaning a total
output power of 3dBm (since there are two tones), the HD3 is around -43 dBc, closed
to the measured ACLR.

L]
-20 fBB=10MHz
25 fBB=15MHz
_ -30  fBB=25MHz .
£
8 .35
) fBB=50MHz
[ag]
= 40 .
45 :
-50 |e
-55 .
5,2 32 1.2 0,8 2,8

Pout (dBm)

Figure A.1: Two-tones test: output IM3 values
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Ref 4.00 dBm

Center 1GHz Span 200 NMH3
#Res BW 100 kHz #VBW 1 MHz Sweep 58.4 myg

Total Carrier Power 2 )0 WiHz ACP-1BW
Lower
Carrier Power

Filter
1 2548 dBm/ 4500 MHz OFF

Figure A.2: ACLR measured with a 16 QAM signal

Ref 4.00 dBm

Center 1 GHz Span 200 MH3
#Res BW 100 kHz #/BW 1MHz Sweep 58.4 mg

Total Carrier Power 0 MHz ACP-IBW

! Lower
Carrier Power m Filter

1 706 dBm/ 450

Figure A.3: ACLR measured with a 64 QAM signal

Further ACLR measurements are reported in Fig.A.2 and Fig.A.3, considering differ-
ent modulated input signals, still achieving a 50MHz RF bandwidth. In the first case
(Fig.A.2), where a 16QAM signal is applied, an output power of 4.2 dBm is achieved
de-embedding the cable and PCB losses with an ACLR of -34.4dBc, while in the 64QAM
test the output power corresponds to 3.4 dBm (ACLR closed to -36).

To be consistent, it must be said that, in both cases the test has been performed in
maximum up-conversion gain configuration of the transmitter, obtained halving the BB

resistances, thus doubling the BB LP filter cut-off frequency.
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