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ABSTRACT

ABSTRACT
Facoltà di Ingegneria
Dipartimento di Ingegneria Industriale e dell’Informazione
Doctor of Philosophy

Design of Transimpedance Amplifiers for Coherent Optical Communication in
28 nm CMOS Technology
By Laura ASCHEI
Nowadays the increasing growth of big data applications, high serial data rates communications
and cloud computing requires high bandwidth wireline performances. The most common metal
connections are the coppers type, but their signal’s losing is strongly frequency dependent. The
optical interconnections are affected too of the frequency losing but in a minor quantity, for this
reason they transport wideband signal over long distance. The optical links are more popular for
the high data rate and remote communications. However, the implementation of optical system
has many challenges about the sensitivity, the power consumption and the thermal design power
constrains of the package. In order to improve more the data rate, in the 2005 the optical
communications were associated to coherent modulations that has the high advantage to improve
the spectral efficiency of the data [1]. Nowadays the most used technology in optical receiver
circuits is the bipolar, due to the high bandwidth and low noise, but in coherent optical receiver
the Digital Signal Processing has a very important role to decode the symbol and solve
impairments like chromatic and polarization mode dispersion and group delay distortion, and the
BiCMOS technology cannot be integrated with the DSP. This research is focused on analyzing
the implementation in 28nm CMOS technology of the transimpedance amplifier (TIA) used to
convert the photodiode current to voltage. The most critical performances of the TIA usually are
the bandwidth and the noise, for that reason at the beginning I analyzed this tradeoff in the most
commonly used topology, and I studied the bandwidth extension techniques present in literature.
After that two design of TIAs has been realized: the first one uses the complementarity typical of
the CMOS to improve the noise performances of the Common Gate topology, while in the
second design I proposed a new technique to extend the bandwidth relaxing the tradeoff
bandwidth/noise with the cost of higher power consumption. In the thesis is also reported a work
realized in collaboration with Lorenzo Gnaccarini for the design of a Closed Loop Variable Gain
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ABSTRACT

Amplifier as alternative topology to the traditional Gilbert Cell VGA for enhanced distortion
performances.

[1] Kazuro Kikuchi, Fellow, IEEE, Fellow, “OSA Fundamentals of Coherent Optical Fiber
Communications” JOURNAL OF LIGHTWAVE TECHNOLOGY, VOL. 34, NO. 1,
JANUARY 1, 2016
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CHAPTER 1 Optical Coherent Communications and the Transimpedance Amplifier

CHAPTER 1
The first studies on optical coherent communications started in the 1980s, motivated by the high
sensitivity of the coherent receiver, but is was abandoned due to the progress in wavelength-division
multiplexing systems, that allow to have high data-rates without changing the well established and simple
modulation and detection methods, i.e. intensity modulation and direct detection (IM DD) [1.1]. In 2005
the interest in optical coherent communications was renewed by the demonstration of digital carrierphase estimation in the coherent receivers led, that allows to use modulations with very high spectral
efficiency such as M-ary Phase Shift Keying and Quadrature Amplitude Modulation (PSK, QAM) [1.1].
Another important advantage of coherent communication systems is the preservation of the phase
information, opening up many possibilities to perform equalization of linear transmission impairments
such as group-velocity dispersion and polarization-mode dispersion [1.1]. In this chapter we will describe
the principle of coherent optical communications, starting from the modulation format to the technique
of detection, in particular the homodyne receiver. The chapter will be concluded with a description of
the Optical Transimpedance Amplifier and its role in the system.

1.1 Complex Modulations
Complex modulations have long been consolidated in radio applications, where their benefits in term of
spectral efficiency are studied and confirmed. We know from Shannon-Hartley theorem that any
communication channel has a maximum capacity, for given noise and bandwidth, as provided by (1.1.1)
[1.1][1.2][1.3]:

(1.1.1)

𝑆
𝐶 = 𝐵 ∙ 𝑙𝑜𝑔 (1 + )
𝑁

Where B is the bandwidth of the channel and SNR is the signal noise ratio. This means that to increase
the capacity of the channel we have to increase the SNR or the bandwidth. The bandwidth is related to
the rate of the transmitted symbol, for binary modulations (like NRZ), the transmitted symbol
corresponds to a single bit, it means that the bit rate is equal to the symbol rate and it is restricted by the
Shannon limit. Moving toward complex modulations, the idea is to transmit more than a bit per symbol,
so that, with the same bandwidth, we can transmit higher bit rates [1.2]. This procedure is typically used
in high data rate communications, where the symbol rate is called Baud rate and corresponds to (1.1.2)
[1.2].
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(1.1.2)

𝐵𝑎𝑢𝑑 𝑅𝑎𝑡𝑒 =

𝐵𝑖𝑡 𝑅𝑎𝑡𝑒

log 𝑁

Where Nsymbol is the total number of available symbols per modulation. The most used complex
modulation in optical coherent communications is the Quadrature Amplitude Modulation (QAM),
which is obtained by the composition of two phase and amplitude modulated signals in quadrature,
producing complex symbols, representable with a complex constellation lattice. In particular, for each
component (I, in phase, and Q , in quadrature), the symbol can differ in phase by 𝜋. Fig.1.1.1 shows 3
possible 2n-QAM schemes, where the symbols are organized in a square lattice [1.2].

Fig.1.1.1 QAM schemes distributed in a square constellation lattice [1.2]

Usually 2n-QAM schemes with n and odd number are not used, as they can’t be distributed in a square
lattice and this would impact on the final Bit Error Rate (BER). Another possible complex modulation is
the Amplitude and Phase Shift Keying, that organizes the symbols along concentric circles. This
modulation was realized for satellite systems, because it is more robust to distortions, but usually it is not
adopted in optical coherent communication due to the complexity of the implementation [1.2].
The constellation of transmitted and received signals differ due to non-idealities of the system. If we
neglect all the linear non-idealities that the digital signal processing can compensate (they are explained in
the next paragraph), we can identify the noise and the distortion as the main contributions to constellation
degradation, which can be represented as a displacement of the symbol in the complex plane. If the corrupt
symbol crosses the threshold used for the decoding, it will be read incorrectly, resulting in a wrong symbol.

(a)

(b)
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Fig.1.1.2 Non-linearity and noise effects on the constellation (a) and an excessive non linearity that provide an
incorrect decoding of the symbol (green dots)

For this reason, it is important understand how to estimate the quality of the received coherent signal.
Usually this is evaluated by two main parameters: the Bit Error Rate (BER) and the Error Vector
Magnitude (EVM).
To compute the BER, we can approach using the theory or empirically. In the first case we get the BER
by a formula, that is equal to (1.1.3) for a generic square shaped M-QAM [1.2] [1.4] [1.5].

(1.1.3)

𝐵𝐸𝑅 ≈

2
1
3𝑆𝑁𝑅
(1 −
)𝑄(
)
log 𝑀
2(𝑀 − 1)
√𝑀

Where Q is the complementary error function and 𝑆𝑁𝑅 is the signal noise ratio. Alternatively, we

can express the BER as a function of the EVM if we neglect any contribution of distortion and
consider only Gaussian noise [1.2].

(1.1.4)

𝐵𝐸𝑅 =

2
1
3
(1 −
)𝑄(
)
log 𝑀
2 ∙ (𝑀 − 1) ∙ 𝐸𝑉𝑀
√𝑀

The theoretical estimates considers only white thermal noise as system impairment. We can derive the
BER also by a more empirical approach, introducing random modulated bits in the system model,

and seeing at the output how many bits are interpreted incorrectly. This empirical approach
allows to account for other impairments such as distortion but it can be quite time expensive for
very low BER values [1.2][1.5].
The second important parameter that can be used to evaluate the quality of a coherent
communication is the Error Vector Magnitude, that can provide information also about small
variations of the constellation. It corresponds to the error vector between the ideal symbol and
the measured one, as presented in Fig.1.1.3 [1.2].

Fig.1.1.3 Vector representation of the Error Vector, where the red dot represents the measured point, and the gray
dot is the target symbol [1.2].
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According to the vector representation in Fig.1.1.3, the formula of the EVM of the n-th symbol is equal
to (1.1.5).

(1.1.5)

𝐸𝑉𝑀 =

𝐼

+𝑄

And the normalized root mean square average EVM results equal to (1.1.6).

(1.1.6)

%𝐸𝑉𝑀

1
∑
𝐸𝑉𝑀
𝑁
=
|𝑝𝑒𝑎𝑘 𝑟𝑒𝑓𝑒𝑟𝑒𝑛𝑐𝑒 𝑣𝑒𝑐𝑡𝑜𝑟|

where the peak reference vector is the vector of the target constellation with the maximum magnitude.
Sometimes we can find the EVM normalized not to the maximum target symbol, but to the average target
symbol. In that case the formula becomes equal to (1.1.7) [1.2][1.5].

(1.1.7)

%𝐸𝑉𝑀

1
∑
𝐸𝑉𝑀
𝑁
=
|𝑎𝑣𝑒𝑟𝑎𝑔𝑒 𝑟𝑒𝑓𝑒𝑟𝑒𝑛𝑐𝑒 𝑣𝑒𝑐𝑡𝑜𝑟|

1.2 Coherent Optical Detection
In the Fig.1.2.1 we can see a standard coherent homodyne receiver, that is the most commonly used, and
will be studied in this paragraph. The received signal from the fiber is decomposed in two different
polarizations (X and Y POL), that are used to double the bit rate. The received light is then split by a 90°
optical hybrid and down-converted, resulting in two orthogonal signal components: In-phase and
Quadrature. After that, the light is converted in electrical domain, amplified and converted in digital bits,
that are processed in order to rebuild the received information [1.1].

Fig.1.2.1 Generic schematic of an Optical Coherent Receiver
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To understand how all this works more in detail it is better to focus only on a single down-converted
signal, for example the In-phase signal for the X polarization, under the assumption that the state of
polarization of signal and Local Oscillator (LO) are aligned by the polarization controller (PC). Fig.1.2.2
represents how the conversion from optical to electrical domain is performed in a coherent receiver. The
electric fields of the signal (𝜀 ) and of the local oscillator (𝜀 ) are expressed in (1.2.1) and (1.2.2) [1.1].

Fig.1.2.2 Configuration of a Polarization Control (PC), 3-dB optical coupler and a couple of photodiodes that are
used to down-convert the signal and eliminate the dc component maximizing the beat signal [1.1]

(1.2.1)

𝜀 (𝑡) = 𝑅𝑒𝑎𝑙{𝐸 } = 𝑅𝑒𝑎𝑙 𝐴 (𝑡)𝑒

(1.2.2)

𝜀 (𝑡) = 𝑅𝑒𝑎𝑙{𝐸 } = 𝑅𝑒𝑎𝑙 𝐴 (𝑡)𝑒

Where 𝜔 , 𝐴 and 𝜔 ,𝐴 are respectively the angular frequency and the complex amplitude of the

received signal and the local oscillator, and Es/El are the phasor representation of the received signal and
the local oscillator. To suppress the dc component and maximize the receiver signal, a balanced detection
is performed by the use of two photodiodes in parallel instead of a single one, as shown in Fig.1.2.2: the
first and the second photodiode are excited with two different signals, in particular the LO components
are phase shifted by 180° by a 3-dB optical coupler. In this way the incident electric fields result equal to
(1.2.3) and (1.2.4) and the resulting output current is equal to (1.2.5) and, for a homodyne system, this
corresponds to (1.2.6) [1.1].

(1.2.3)
(1.2.4)

𝐸 =
𝐸 =

1

√2
1

√2

(𝐸 + 𝐸 )
(𝐸 − 𝐸 )

(1.2.5)

𝐼(𝑡) = 𝐼 (𝑡) − 𝐼 (𝑡) = 2𝑅 𝑃 (𝑡)𝑃 cos{𝜔 𝑡 + 𝜃 (𝑡) − 𝜃 (𝑡)}

(1.2.6)

𝐼(𝑡) = 𝐼 (𝑡) + 𝐼 (𝑡) = 2𝑅 𝑃 (𝑡)𝑃 cos{𝜃 (𝑡) − 𝜃 (𝑡)}
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Where 𝑅 is the responsivity of the photodiode, 𝜃 and 𝜃 are the phases of the signal and the LO

respectively, and 𝑃 , 𝑃 are respectively the signal and LO power, computed using (1.2.7), where 𝑆

represent the effective beam area and 𝜁 is the impedance in free space [1.1].

(1.2.7)

𝑃 =

𝑆

𝜁

∙

|𝐴 |
2

The expression (1.2.5) can be derived considering the transfer function of the photodiode, reported in
(1.2.8) [1.1].

(1.2.8)

𝐼 (𝑡) =

𝑆

𝜁

𝑅 𝑅𝑒𝑎𝑙

𝐴 (𝑡) exp(𝑖𝜔 𝑡) ± 𝐴 exp(𝑖𝜔 𝑡)
√2

Where 𝑚𝑠 stands for mean square respect to the optical frequencies. It is interesting to notice in [1.6],

that the output current is proportional to 𝑃 . This means that the down-conversion operation can also
provide amplification of the signal, if the local oscillator power is sufficiently high, thus improving the

noise performance. If we analyze (1.2.6), we can observe that it corresponds to the scalar product between
the phasors of the signal and LO electric fields. This corresponds to finding the projection of the signal
phasor on the LO phasor, as shown in Fig.1.2.3 [1.1].

Fig.1.2.3 Phasor diagram of the signal and LO for the homodyne detection.

Hence, by this operation, we obtain the component of the signal that is in phase with the LO. Information
can be stored in the amplitude (𝑃 ) or in the phase (𝜃 ) of the signal, depending on the modulation. We
can use the same technique to determine the quadrature components. The device that generates both the
In-phase and Quadrature signals is called 90° optical hybrid and its scheme is represented in Fig.1.2.4
[1.1].

Fig.1.2.4 configuration of the 90° optical hybrid used to perform the phase diversity homodyne reception [1.1]

18

CHAPTER 1 Optical Coherent Communications and the Transimpedance Amplifier
This type of receiver is called “phase diversity homodyne receiver” and it produces resulting currents I
and Q equal to (1.2.9) and (1.2.10), and a complete complex current equal to (1.2.11) [1.1][1.6].

(1.2.9)

𝐼 (𝑡) = 𝑅 𝑃 (𝑡)𝑃 cos{𝜃 (𝑡) − 𝜃 (𝑡)}

(1.2.10)

𝐼 (𝑡) = 𝑅 𝑃 (𝑡)𝑃 sin{𝜃 (𝑡) − 𝜃 (𝑡)}

(1.2.11)

𝑰𝒄𝒐𝒎𝒑𝒍𝒆𝒙 (𝒕) = 𝐼𝐼 (𝑡) − 𝑖𝐼𝑄 (𝑡) = 𝑅 𝑃 (𝑡)𝑃 exp{𝑖[𝜃 (𝑡) + 𝜃 (𝑡) − 𝜃 (𝑡)]}

Where 𝜃

is the phase noise. As mentioned above, the signal polarization has to be aligned to the

polarization of the local oscillator. Due to random changes in the birefringence of the optical fiber
produced by the asymmetries and not uniform solicitations, the received signal presents a deviation of the
polarization. Usually this problem is partially solved using polarization diversity. The signal is split in two
orthogonal polarization components by a Polarization Beam Splitter (BPS) and the same procedure is
applied to the LO. The two signal-LO pairs are demodulated by two different 90° optical hybrids.
Fig.1.2.5 shows the schematic of an optical coherent receiver with polarization and phase diversity
[1.1][1.7].

Fig.1.2.5 Configuration of the homodyne receiver where the phase and polarization diversities are explicit [1.1]

After the conversion in electrical domain the current must be amplified by a transimpedance amplifier and
converted in digital domain in order to be processed by a Digital Signal Processing (DSP) to recover the
information. The DSP has a key role in the de-codification of the signal.
At the output of the homodyne receiver we obtain the two signal components, in-phase and inquadrature, used to reconstruct the complex signal. In reality the effective signal at this stage is affected by
several impairments: carrier frequency and phase offset of the receiver local oscillator and the optical
incoming signal, phase noise and amplitude noise due to electrical and optical devices, group delay
variation of the fiber, TX and RX and other optical fiber transmission impairments like chromatic
dispersion and polarization mode dispersion that gives rise to birefringence effects, mixing up the two
polarization contributions. The summary of all these effects produces an essentially unreadable signal. In
this scenario the signal is sampled and quantized, in order to move to the digital domain, where most of
these impairments can be compensated for. The scheme of the DSP for decoding the symbol is represented
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in Fig.1.2.6, where we can identify a first step relative to the Analog to Digital conversion, a consequent
Frequency Domain Equalizer (FDE) and Adaptive Equalizer and a final step for the carrier phase recovery.
In parallel to this linear impairments compensation, a nonlinearity compensation is realized.

Fig.1.2.6 Common structure of a DSP used to process the symbol [1.1]

Following the signal flow step by step, it starts with the sampling and hold operation, preceded by the
antialiasing filter, limiting the signal bandwidth to half of the sampling frequency, corresponding to the
symbol rate (or BaudRate). For instance, if we have a dual polarization quadrature phase shift king
modulation (DP-QPSK), and a bit rate equal to 100Gb/s, it corresponds to a symbol rate equal to 25
GBaud Rate (the factor of 4 between data rate and the baud rate is due a factor of 2 for the modulation
and a factor of 2 for the polarization). In this example the sampling rate is 50 GS/s such that the ADC
works in two times-oversampling condition in that way it can avoid aliasing effect but increases the
computational complexity. After the sampling operation we find the FDE block. It is realized by an FIR
filter and is used to compensate group delay variations (GDV) and chromatic dispersion of the optical
fiber. After this compensation the clock frequency is extracted and used to correct the clock sampling
frequency and phase to optimize the sampling instant of the symbol stream. Usually, the GDV is constant
in time, allowing to have an FIR filter with constant coefficients. On the other hand, the polarizationmode- dispersion (PMD) is a linear time-dependent process, which demands an adaptive equalizer,
typically implemented with an FIR butterfly structure, as reported in Fig.1.2.7. Notice that each ℎ ⃑ block
(i,j = x,y) is implemented by an FIR filter [1.1][1.8].

Fig.1.2.7 2x2 butterfly structure FIR filters where the tap coefficients are generated to compensate polarization
mode dispersion [1.1]

The matrix 𝑯, represented by (1.2.12), is obtained as the inverse matrix of 𝑯𝒐, which is the transfer

function of the link. In particular, if 𝑬⃗

is the transmitted electric field and 𝑯𝒐 is the link matrix, the

received electric field is given by (1.2.13) [1.1].
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(1.2.12)

𝑯=

(1.2.11)

𝑬⃗ =

ℎ
ℎ

ℎ
ℎ

= 𝑯𝒐 𝟏

𝐸 (𝜔)
𝐸
= 𝑯𝒐 (𝜔)
𝐸 (𝜔)
𝐸

(𝜔)
(𝜔)

These FIR filters are in general used to compensate linear impairments, such as the transfer characteristics
of optical filters in the links, and electrical circuits in the transmitter and receiver, that generate ISI [1.1].
After the FIR filters, we can identify in Fig.1.2.6 the Carrier Phase Estimator. This block is used to
determine the phase of the local oscillator. If we look at (1.2.11), we can observe that the phase of the LO
is still present in the expression, and we need to know it in order to subtract 𝜃 (𝑡) from the phase

information of the signal. In order to perform carrier recovery, the Viterbi-Viterbi 4th power algorithm
is commonly used. It starts in taking the modulated signals, e.g. QPSK modulated symbols, that in general
is equal to 𝑒

𝑒

the ideal symbol 𝑒

, with 𝑚 that can assume values from 0 to 𝑀 − 1, it corresponds to the product of
with the LO component 𝑒

. Raising the modulated signal to the power of 4 (4

is the order of the modulation, i.e. M in general) the components that represents the ideal symbol becomes
equal to 1 and you can get simply the component relative to the LO phase. This process usually is repeated
on N sample to take their average (1.2.14) [1.1][1.5][1.8].

(1.2.14)
Where 𝑒

<𝜃 >=

1
∙ arg
𝑗𝑀

𝑒

𝑒

=

1
∙ arg
𝑗𝑀

𝑒

is the generic received symbol with 𝑚 that can assume values from 0 to 𝑀 − 1. In case of

QAM modulation, only the symbol along the diagonal, are used for the carrier recovery as QPSK with
different amplitude level.

Fig.1.2.8 Constellation of a 16-QAM where the black symbol (class1) are used for phase estimation [1.1]

The last impairments that can be compensated for by the DSP are the deterministic non linearities. To do
that, the received signal from the coherent detection is processed by a virtual transmitter, fiber and receiver
amplifiers, emulated in digital domain, to reverse the nonlinear characteristic of the optical link [1.1]. To
provide a visualization of the DSP role, Fig.1.2.9 shows a qualitative evolution of the received
constellation along the digital signal processing. [1.8]
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Fig.1.2.9 Evolution of the constellation recovery along the Digital Signal Processing [1.8]

From the above discussion, it is evident the paramount role of the digital processing in determining the
final performances of the coherent optical link, and the complexity of such system. For that reason, we
decided to evaluate the performances of any proposed design considering only the impairments introduced
by the Transimpedance Amplifier, under the hypothesis that all the other impairments relative to the
optical link can be compensated for.

1.3 Building Blocks of an Optical Transimpedance
Amplifier
In the previous paragraph we have briefly described the receiver of an optical coherent system. This Ph.D.
research has focused on the design of an Optical Transimpedance Amplifier (oTIA or TIA) that has the
purpose of collecting the current coming out from the photodiodes and to provide a constant output
voltage to the following ADC while adding as little noise and distortion as possible. Referring to the
Fig.1.3.1, in any coherent receiver we have 4 oTIA: two couple of 2 oTIA for the two polarizations (X
and Y), the 2 TIAs are used to collect respectively differential signals for the In-phase and Quadrature
components.
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Fig.1.3.1 Generic schematic of a coherent receiver where the oTIA are highlighted in color red

The oTIA has the aim to amplify the current signal and convert into a voltage that will drive the ADCs.
The oTIA has to provide a variability of the gain to avoid the saturation of the converter, a typical
maximum output voltage swing is of the order of 500mVdpp. The oTIA generally presents the stages
reported in Fig.1.3.2.

Fig.1.3.2 Schematic of an opto-TIA

We can identify the Low Noise Transimpedance Amplifier (LNTA), that has to perform the conversion
of the signal from current to voltage; a certain number (n) of Variable Gain Amplifiers (VGAs), that are
used to increase the transimpedance gain and provide variability of the Gain and, sometimes, are used also
for equalizing the limited bandwidth of the LNTA; an Output Buffer used for the output impedance
matching. In addition, we can have features like the DC offset Control Loop and the Automatic Gain
Control. We have already talked about the importance of the bandwidth, noise and distortion in this
application. We can now identify which stage is usually more involved in determining each of these
characteristics.
The most critical stage of an oTIA is the LNTA. It is at the input of the amplification chain, where the
signal is weaker, and therefore more subjected to noise. For this reason, the LNTA has to be a low noise
source and has to guarantee enough high gain in order to minimize the noise contributions of the
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following stages. This introduces an important tradeoff between noise and bandwidth. In fact, the LNTA’s
bandwidth is limited by the capacitance of the photodiode that loads its input node. To get over this
limitation, the first stage has to show a low impedance at the input that usually is achieved with high gm
and wide transistor. Moreover, the final bandwidth is limited by the minimum gain that the LNTA needs
to reduce the other noise contributions. For that reason, usually the LNTA is the stage with the most
critical design for the bandwidth and noise performances. We will see that in literature we can find
different topologies, in open loop and in closed loop, that respectively are focused on improving the
bandwidth or the noise.
The Variable Gain Amplifier have the key role of changing the gain of the transimpedance amplifier, so
they are fundamental for the noise and distortion performances for the intermediate gain steps. As we
already introduced, they are often used to provide some equalization to extend the bandwidth (Fig.1.3.3).
Moreover Säckinger demonstrates that realize the transimpedance gain with not only the first stage, but
with additional amplification, can help with the gain-bandwidth tradeoff of the TIA [1.9].

Fig.1.3.3 principle of equalization of the limited bandwidth of the LNTA

Ideally the transfer function of the TIA should be flat in frequency and have a constant group delay. In
reality the acceptable ripple in the gain and in the group delay depend on the DSP that follows. The
output swing that influences the distortion, depend on the Analog to Digital Converter that receives the
signal from the TIA. In this work the output swing results equal to 500 mVppd. The noise and the
distortion specifications depend on the modulation that we want to do. For example, a distortion around
1% of THD and a noise around a value of 10 to 20 pA/√Hz can be used for 16 QAM modulation [1.10].
To analyze the achievable modulation QAM with the proposed design, we realized a code in Matlab in
order to test the TIA with a signal providing the S21, the THD and the SNR. The algorithm of the
program is reported in Fig.1.3.4.
The algorithm is divided in a first section where we define the parameters of the amplifier and the
modulation properties. The parameters asked to the users are the transfer function (modulus and phase) of
the amplifier to analyze, the THD and the SNR.
The parameters relative to the amplifiers are saved in the struct amp while all the data about the
communication are saved in the struct sys .
The struct amp contains the file of the transfer function al all the information useful to read it, the THD,
the gain at low frequency, the SNR, the output and input swing and the coefficient used to compute the
distortion derived by the THD. In particular, we know from [1.11] that the characteristic of a non-linear
system can be approximated by a Taylor expansion in the range of interest
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(1.3.1)

𝑉

= 𝛼 𝑥(𝑡) + 𝛼 𝑥 (𝑡) + 𝛼 𝑥 (𝑡) …

For a differential amplifier the component with power 2 can be neglected and assuming that the input
signal is equal to 𝑥(𝑡) = 𝐴𝑐𝑜𝑠(𝜔 𝑡), the expression (1.3.1) becomes equal to

(1.3.2)

𝑉

= 𝛼 𝐴𝑐𝑜𝑠(𝜔 𝑡) + 𝛼 𝐴 𝑐𝑜𝑠(𝜔 𝑡)
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Fig.1.3.4 Flowchart of the algorithm used to test the BER for a given M-QAM modulation of TIA

Razavi demonstrates that this expression can be written in function of the harmonics, in particular it is
equal to
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(1.3.3)

𝑉

= 𝛼 𝐴+

3𝛼 𝐴
4

𝑐𝑜𝑠(𝜔 𝑡) + 𝛼

𝐴
4

𝑐𝑜𝑠(3𝜔 𝑡) +

𝛼 𝐴
(1 + 𝑐𝑜𝑠(2𝜔 𝑡))
2

If we assume that the DC and second harmonic components are negligible, like in most of the case realized
in this work, we can assume that the THD expression contains only the third harmonic component in
particular it is equal to

(1.3.4)

𝑇𝐻𝐷 =

𝛼

𝐴
4

𝛼 𝐴+

Under this assumption, (1.3.3) becomes equal to

(1.3.5)

𝑉

= 𝛼 𝐴+

3𝛼 𝐴
4

3𝛼 𝐴
4

= 𝛼

𝐴
4

𝑐𝑜𝑠(𝜔 𝑡) + 𝑇𝐻𝐷 ∙ 𝛼 𝐴 +

𝛼 𝐴+

3𝛼 𝐴
4

3𝛼 𝐴
4

𝑐𝑜𝑠(3𝜔 𝑡)

In the Matlab code we have the output and input swing from the user at the first harmonic, and it
corresponds to the coefficient 𝛼 𝐴 +

, and we have also the THD. In that way we can obtain the

expression of 𝛼 and 𝛼 that we use to consider the distortion in the model. In particular, we have that

(1.3.6)

𝛼 =

(1.3.7)
If we can approximate that
and (1.3.7) can be simplified in

𝑉
𝑉

𝛼 =

4𝑉

3𝛼 𝑉
4

−
𝑉

𝑇𝐻𝐷

is equal to the gain of the transfer function at 𝜔 , the expressions (1.3.6)

(1.3.8)
(1.3.9)
𝛼 and 𝛼 are saved in the struct amp.

𝛼 =𝐺
𝛼 =

−

3𝛼 𝑉
4

4𝐺 𝑇𝐻𝐷
𝑉

The struct sys contains the number of bit that we want to test to evaluate the BER, the order of
modulation M-QAM that we want to test, the BitRate and BaudRate and the respective periods.
After some check about the feasibility of the order of the modulation, there is the creation of the random
bit stream and in the derivation of the real and imaginary streams relative to the chosen modulation. To
perform the filtering with the transfer function we need also to create a signal in time, for that purpose is
created another struct param to save all the useful parameters used to create the time signal and its fast
Fourier frequency transformation, as the uppersampling of the time signal.
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After the creation of the signal and its transformation by the FFT (Fast Fourier Transform), we can start
to insert the white Gaussian noise to the real and imaginary components of the symbol strings by the
function wgn already provided by Matlab, filter it with the transfer function and include distortion effect
by the previously computed coefficients.
After the filtering, the signal has been delayed by the transfer function, to recover the correct phase of the
signal to sample it, we used the low frequency group delay that we derive from the transfer function. Now
we can sample the real and the imaginary, demodulate the symbols and compare the original bit stream
with the new one to get BER.
The complete Matlab code is reported in the Appendix.
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CHAPTER 2
In the previous chapter an overview of the coherent optical system is provided in order to describe the
application and its criticisms. Moreover, it describes the TIA and its peculiarities. In the following chapter
will be described the implementation of the TIA that we can find in literature, and the most used
bandwidth extension techniques.

2.1 Low Noise Transimpedance Amplifier (LNTA)
As chapter 1 introduces, the stage that limit more the performances is the first one due to the big input
photodiode capacitance that limit the bandwidth, and the gain that has to be high enough to reduce the
noise contribution from the next stages. In the literature three main topologies are presented:





Common Gate (CG)
Shunt Feedback (SF)
Regulated Cascode (RGC)

Every topology has its advantages and disadvantages that will be presented in this paragraph.

2.1.1 Common Gate
The principle behind any TIA is to provide a high gain but with a low input impedance in order to
compensate the photodiode capacitance. The Common Gate configuration can satisfy this requirement
as ideally it shows an input impedance equal to the inverse of the transistor transconductance. The single
ended schematic and the small equivalent circuit of a Common Gate is presented in Fig. 2.1.1, where we
can identify a current generator (M2), a common gate transistor (M1) and a resistive load (R) [2.1] [2.2].
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(a)

(b)

Fig. 2.1.1 (a) Single ended schematic of a common gate, (b) small equivalent circuit of a common gate where the
output resistance of the current mirror has been neglected.

Where 𝐶𝑖𝑛 includes the external capacitance as the photodiode, the PAD and the ESD, and the intrinsic
input capacitances of the stage, while 𝐶𝑜 represent the load capacitance and the intrinsic output

capacitances of the common gate. The resulting transimpedance gain of the common gate is equal to

(2.1.1)

𝑉𝑜𝑢𝑡
=𝑅∗
𝐼𝑖𝑛

1
(𝑅 + 𝑟𝑜 )𝐶𝑖𝑛
𝐶𝑖𝑛𝐶𝑜𝑅𝑟𝑜
1 + 𝑠 𝑅𝐶𝑜 + 1 + 𝑔𝑚 𝑟𝑜 + 𝑠 1 + 𝑔𝑚 𝑟𝑜

If in first approximation we neglect 𝑟𝑜, the gain becomes equal to [2.1]
(2.1.2)

𝑉𝑜𝑢𝑡
1
=𝑅∗
𝑠𝐶𝑖𝑛
𝐼𝑖𝑛
(1 + 𝑠𝑅𝐶𝑜)(1 + 𝑔𝑚 )

The gain is directly related to the value of 𝑅, while the bandwidth is determined by two real poles, the

first at the frequency 𝑓1 =

, and the second in 𝑓2 =

. Considering that 𝐶 and 𝐶 are in part

dependent to the dimension of M1, we can express the two poles as (2.1.3) and (2.1.4):

(2.1.3)

(2.1.4)

𝑓1 =

1
1
=
𝛼𝑔𝑚
2𝜋𝑅𝐶
2𝜋𝑅(𝐶𝑒𝑥 + 𝜔 )

𝑓2 =

𝑔𝑚
𝑔𝑚
=
𝑔𝑚
2𝜋𝐶
2𝜋(𝐶𝑒𝑥 + 𝜔 )

Where respectively 𝐶𝑒𝑥 and 𝐶𝑒𝑥 are the fixed external input and output capacitances, 𝜔 is the intrinsic

cutoff pulse of the MOSFET and 𝛼 is a technological parameter that represent the ratio of the input and

output intrinsic capacitances of the transistor, in the 28nm High Performance Computing Plus (HPC+)
technology it is about 0.5. For gm that tends to infinite, 𝑓1 continues to decrease due to the intrinsic

output capacitances of M1 that dominates to the external fixed one, while 𝑓2 will tend to the intrinsic
cutoff frequency of the MOSFET. For the opposite behavior of the two poles we can find an optimum
bandwidth that corresponds to the 𝑔𝑚 that force the two poles to be equal [2.3].
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Sackinger decided to determine the relationship between the gain and the bandwidth of a transimpedance
amplifier in [2.3]. He observed that this relationship in the common gate results equal to (2.1.5).

(2.1.5)

𝐺𝑎𝑖𝑛

=𝑅 ≤

𝜁 + 6𝜁 + 1 − 𝜁 − 1
𝐴 𝑓
∙
2𝜁
2𝜋𝐶 𝐵𝑊

Where 𝐴 𝑓 is the gain-bandwidth product of the common gate, equivalent to (𝑔𝑚𝑅) ∙

where

the first term represent 𝐴 and the second 𝑓 ; 𝜁 is theratio between the two poles 𝑓 /𝑓 . He observed that

the common gate solution can achieve high gain with a given bandwidthif 𝜁 is low, it corresponds to a

lower frequency input pole respect the output one, but it leads to the sensitivity of the circuit to the
photodiode capacitance [2.3].

After the analysis of the bandwidth, it is important also analyze the noise performances, as the first stage
influences the noise of the entire TIA. To do that we have to consider also the output resistance (𝑟𝑜 ) of
the current mirror, that has been neglected until now, meanwhile, for simplicity, we neglect the output
resistance of M1. The total equivalent input current noise is equal to (2.1.6).
(2.1.6)

𝑆 =

𝐼𝑛
4𝐾𝑇 1 + 𝑔𝑚 𝑟𝑜
𝐶 𝑟𝑜
= 4𝐾𝑇𝛾𝑔𝑚 +
(1 + 𝑠
)
𝐻𝑧
𝑅
𝑔𝑚 𝑟𝑜
1 + 𝑟𝑜 𝑔𝑚

+ 4𝐾𝑇𝛾𝑔

1 + 𝑠𝑟𝑜 𝐶
𝑔𝑚 𝑟𝑜

Where 𝑔𝑚 is the transconductance gain of the current mirror. Usually the frequency

is outside

the bandwidth, it means that inside we can identify two white noise contributions dependent to the load
resistance and the current mirror, and a color contribution provided by gm that becomes more and more
important when the noise of M1 stops to recirculate in the transistor and starts to go inside the input
capacitance, in other word it becomes important when the input pole starts to be important [2.1][2.2]. If
we take into account that 𝑔𝑚

is dependent to the same current that flows in M1, for a given technology

and constant gmOverId we can define 𝛽 where 𝑔𝑚 = 𝛽𝑔𝑚 . Assuming that 𝑟𝑜 >> 1, the equation
in of the noise in bandwidth can be approximated to
(2.1.7)

𝑆 ≈ 4𝐾𝑇𝛾𝛽𝑔𝑚 +

4𝐾𝑇 4𝐾𝑇𝛾
+
∙𝜔 𝐶
𝑅
𝑔𝑚

This expression suggests that the higher is 𝑔𝑚 , higher is the noise contribution of the current mirror. As

[2.1] observes, this technique leads to headroom problem typical of this topology. In fact, the main limit
of this stage is the tradeoff between bandwidth, noise and voltage supply. To maximize the input pole,
we would like to increase the current, as the gm, but it leads to an higher voltage drop over the resistor 𝑅

and an higher current mirror noise, at the same time if we want to reduce the resistor to accommodate a
smaller supply voltage we degrade also the noise of 𝑅. For that reason, this topology usually is considered

a possible solution where a large bandwidth but poor noise performances are required [2.1][2.2].

For example, in 28nm HPC+ CMOS technology we can perform a design to optimize the bandwidth of

a common gate with a gain of 200Ohm, an input external capacitance of 80fF and output external
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capacitance of 40fF and sweeping 𝑔𝑚 of the common gate MOSFET. The resulting bandwidth and

average input noise versus the transconductance gain of M1 are reported in Fig. 2.1.2.

Fig. 2.1.2 Bandwidth and average input current noise versus the transconductance gain of the common gate.

As we expect the bandwidth presents an optimum, around 11GHz, and an equivalent input current noise
equal to 25.8 pA/sqrt(Hz). In that condition the power consumption is equal to 4 mW for a supply voltage
of 1.55 V. We can analyze the noise contributions in Fig. 2.1.3.

Fig. 2.1.3 Equivalent input noise contributions of the common gate at the bandwidth optimum design.

We can observe that in the bandwidth (highlighted by the black line), as we expect, the dominant noise
contribution is provided by the current mirror (blue line). We will see that often in the TIA the first stage
has a limited bandwidth due to the photodiode capacitance, but the overall bandwidth is amplified by the
next stages by an equalization realized with inductive peaking. In this case the integration of the noise is
realized above the bandwidth of the TIA, that is higher respect the LNTA’s bandwidth. In this case also
the colored M1 noise contribution can become important in the design.
An example of Common Gate in literature is proposed by [2.4] where they proposed a single ended to
differential TIA in 0.13 𝜇𝑚 BiCMOS designed to operate in a 4-channel 25 Gb/s system. It presents a

gain of 76 dBΩ with a bandwidth from 22 kHz to 23 GHz and input-referred noise equivalent to
2.4 𝜇𝐴

. The schematic of the proposed LNTA is shown in Fig. 2.1.4 [2.4].
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Fig. 2.1.4 First stage circuit and DC cancellation amplifier on the top left [2.4].

In this paper a variant of the standard common gate is proposed where the capacitor C1 is used to bootstrap
the transistors Q2 and Q1 in order to mirror any voltage variation on the emitter of Q2 also to the base
of Q1, and consequently to its emitter. The impedance from node E to ground has to absorb the difference
between the current iIN and i2. In that way they could to create a differential output signal increasing the
power supply rejection respect a traditional common gate [2.4].

2.1.2 Regulated Cascode
The regulated cascode is a closed loop topology that is a derivation of the common gate, in fact it is based
on a boosting of the gm by an amplifier. The basic schematic of a regulated cascode and its equivalent
small equivalent circuit are represented in Fig. 2.1.5.

(a)

(b)

Fig. 2.1.5 (a) Single ended schematic of a regulated cascode, (b) small equivalent circuit of a regulated cascode
where the output resistance of the current mirror has been neglected.

If we ignore the output resistance of M1, the new input impedance become equal to

(

, so in

)

correspondence of the same input impedance of a common gate, M1 can carries less DC current reducing
power consumption, headroom limitation and the noise contribution of the current mirror. Analyzing
the transfer function of the small equivalent circuit, it is equal to
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(2.1.8)

𝑉
𝐼

𝑠
)
𝜔 (𝐴 + 1)
=𝑅∙
𝑔𝑚 + 𝜔 𝐶
𝐶
(1 + 𝑠𝐶 𝑅)(1 + 𝑠
+𝑠 (
))
𝑔𝑚𝜔 (𝐴 + 1)
𝑔𝑚𝜔 (𝐴 + 1)
(1 +

We can identify that respect the classic common gate we have a zero at 𝜔 (𝐴 + 1) that usually is at high

frequency [2.3], and two complex poles characterized by 𝜔 =

(

)

∙ 𝜔 and 𝑄 =

(

)

.

This results in 3 total poles, where the output pole is pushed at higher frequencies respect than in common
gate topology because M1 is smaller, but at the same time we add additional capacitance at the input node
by the amplifier. If we want a flat response we need to impose that 𝑄 ≤
𝐴 𝜔 [2.5].

bandwidth becomes smaller than

, under this condition the

√

Also for the regulated cascode Sackinger performed the transimpedance limit and he determined that is
results equal to (2.1.9).
(2.1.9)

𝐺𝑎𝑖𝑛

𝜁 + 6𝜁 + 1 − 𝜁 − 1
𝐴 𝑓
2𝜁
2𝜋𝐶 𝐵𝑊

=𝑅 ≤

This expression is equal to (2.1.5) except the factor

∙

𝐴 𝑓
𝜁𝐵𝑊

that changes the relationship between the

gain and the 𝐵𝑊 from the square to the cube, ant it also improves the relation by a factor of 𝐴 𝑓 /𝜁. This

is justified by the lower output capacitance of the common gate [2.3].

As we see from (2.1.8) also the finite bandwidth of the amplifier has an important role, as it determines
when the input impedance start to increase. This inductive behavior can help to enhance the bandwidth
[2.6]. If we look to the noise performances the equivalent input current noise expression becomes equal
to (2.1.10).
(2.1.10)

𝑆 = 4𝐾𝑇𝛾𝑔

+

4𝐾𝑇
1
𝑅 1+ 𝑠
𝜔

(1 +

𝑠
𝑠
+
𝑄𝜔
𝜔

)

+

4𝐾𝑇𝛾 𝑠𝐴 𝐶
1
(
)
𝑔
1+𝐴 1+ 𝑠
𝜔

+ 4𝐾𝑇𝛾𝑔

𝑠
1+𝜔
𝑠𝐶
(
)
𝑔𝑚(1 + 𝐴 ) 1 + 𝑠
𝜔

As we did for the common gate, we can consider the noise only in the bandwidth and assume that 𝐴 ≫

1, the expression becomes equal to
(2.1.11)

𝑆

≈ 4𝐾𝑇𝛾𝑔

+

4𝐾𝑇
4𝐾𝑇𝛾
4𝐾𝑇𝛾 𝜔 𝐶
𝜔
+
∙ 𝜔 𝐶𝑖𝑛 +
∙
(1 + )
𝑅
𝑔
𝐴 𝑔
𝐴
𝜔

As we introduced before, the transconductance gain of the current mirror can be reduced respect the
common gate solution, thanks to the lower DC current, so the white noise can be improved respect the
previous topology, but at the same time we add a colored noise of the amplifier and also the noise of M1
increase with 𝜔 instead of 𝜔 after the amplifier pole. We can achieve a noise improvement respect to

the common gate solution if the white noise is reduced more than the increment of the colored noise.

In literature we can find some example that use this topology, as for example the work presented by Sung
Min Park and Hoi-Jun Yoo in 2004 at IEEE Journal of Solid State Circuit [2.7]. They presented an
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transimpedance input stage realized by 0.6𝜇m digital CMOS for Gigabit Ethernet applications, it is based
on a regulated cascode in order to boost the input transimpedance and compensate the capacitance of the
photodiode equal to 500 fF. The measured gain is equal to 58 dBΩ with a bandwidth of 950 MHz. The
average noise current spectral density is equal to 6.3 pA/√Hz, while the total dissipated power is 85 mW
for 5 V of voltage supply. Fig. 2.1.6 represents the schematic of the TIA where we can identify the
photodiode that pushes the current in a common gate (M1-R1), whose gm is boosted by an N-only
amplifier (MB-RB). As the authors explain, the crucial point of this topology is the stability [2.7].

Fig. 2.1.6 Circuit scheme of the entire TIA [2.7]

Another example of regulated cascode is provided by S. Bashiri Amid, C. Plett and P. Schvan in 2010 at
Bipolar/BiCMOS Circuit and Technology Meeting [2.6]. They realized a regulated cascode in 0.13 𝜇m

BiCMOS technology for a photodiode with an equivalent capacitance equal to 300 fF. The resulting
bandwidth is equal to 28GHz for a differential gain of 53.6 dBΩ and an integrated input referred noise of

6.11 𝜇Arms. The total chip consumes 110 mW with 3 V of voltage supply. The schematic of the first

stage is shown in Fig. 2.1.7. where an active load (M1-M2) is used instead of the resistance to reduce
headroom issues and noise contribution [2.6].

Fig. 2.1.7 Schematic of the fully differential regulated cascode with active load [2.6]

2.1.3 Shunt Feedback
Most of the LNTA design in literature are realized with the shunt feedback topology, to avoid the current
mirror noise contribution and overpass the headroom limit. To understand we have to analyze its
schematic that is presented in Fig. 2.1.8.
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Fig. 2.1.8 Generic block diagram of a shunt feedback amplifier

The shunt feedback topology has the purpose to provide a gain equal to the feedback resistance, but due
to the loop gain the input impedance is reduced to a value equal to
bandwidth of 𝐴(𝑗𝜔), the transfer function becomes equal to

𝑉𝑜𝑢𝑡 = − 𝑅𝑓𝐴0 ∗
𝐼𝑖𝑛
𝐴0 + 1

(2.1.12)
Where 𝐶

amplifier (𝐶

1+

. If we consider the limited

1

𝑠
1 + 𝑅 𝐶 + 𝑅𝑓𝐶𝑖𝑛 𝑠2
𝑓 𝑖𝑛
𝜔
𝐴0 + 1 𝑎
𝜔𝑎 𝐴0 + 1

is the sum of the photodiode capacitance (𝐶 ) and the parasitic input capacitance of the
). The gain can be approximated to 𝑅 , if 𝐴 is higher than 1, and the transfer function is

characterized by two complex poles at the angular frequency equal to 𝜔 =
(

)

(

)

and with 𝑄 =

[2.1][2.3]. If we want to avoid any peaking, we have to set the quality factor equal to

1/√2, for 𝜔 higher than

, the resulting cutoff frequency becomes (2.1.13) [2.1].

(2.1.13)

𝑓

=

1
2𝐴 (𝐴 + 1)
∙
2𝜋
𝑅 𝐶

Computing the equivalent input noise in the bandwidth, it results [2.1]

(2.1.14)

𝑆

=

4𝐾𝑇 𝑉
+
𝑅
𝐻𝑧

1 + 𝑠𝐶𝑖𝑛𝑅
𝑅

Where also in this case we can identify a white noise produced by the feedback resistor, and a colored
noise produced by the amplifier, in particular 𝑉

is the equivalent noise of the amplifier at its input.

The main advantage of this topology is the feedback resistance that can curry no dc current, so it can be
increased without headroom issues, of course it determines a tradeoff with the bandwidth. Another
advantage is produced by the feedback: even if the white noise corresponds to a resistance 𝑅 , the input

impedance corresponds to 𝑅 /(𝐴 + 1) [2.1][2.2].
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If it is not possible to push the pole of the amplifier (𝜔 ) at high frequency, the expression of 𝑓

becomes more complicate and the bandwidth is reduced, in fact usually the quality factor is selected in
order to have a little boost of bandwidth using the peaking [2.1].

Also for the shunt-feedback Sackinger analyzed the transimpedance limit that results equal to (2.1.15).
(2.1.15)

𝐺𝑎𝑖𝑛

=𝑅 ≤

𝐴 𝑓
2𝜋𝐶 𝐵𝑊

Where 𝐴 𝑓 is the gain-bandwidth product of the amplifier 𝐴.

Comparing (2.1.5) and (2.1.15) he observed that for most of the topologies the relation between the gain
and the bandwidth is not linear, but quadratic, and that the limit is always dependent to 𝐴 𝑓 /𝐶 . It

depends mainly to the photodiode capacitance and to 𝐴 𝑓 that is in some way proportional to the
technology cut-off frequency [2.3]. If we compare the limits of the common gate with the shunt feedback,

he highlighted that their ratio depends only to 𝜁 (ratio between the input and output pole of the common

gate). If we plot the ratio between the two transimpedance limits we can identify an optimum for the
common gate transimpedance expression that exactly corresponds when the two real poles are equal as

we already explained before and in this optimum the shunt feedback achieves a transimpedance gain
higher of a factor 2.44 respect the common gate solution.
Another possible realization of the shunt feedback LNTA is presented in Fig. 2.1.9.

(a)

(b)

Fig. 2.1.9 Inverter based shunt feedback circuit (a) ant its small signal equivalent circuit (b)

Its study is less intuitive than the one presented previously because the amplifier stage in this case has a
high output impedance. We can study this circuit with two methods:

 Closed Loop study
 Open Loop study
The Closed Loop Transfer function results equal to
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𝑉
𝐼

(2.1.16)

=

𝑟 𝑅 𝑔 −1
∙
1+𝑔 𝑟

1

𝐶 𝑅 +𝑟
𝐶 𝑟
1+𝑠 1+𝑔 𝑟 + 1+𝑔 𝑟

𝑠 𝐶 𝐶 𝑟𝑅
+ 1+𝑔 𝑟

If 𝑅 𝑔 ≫ 1 and 𝑔 𝑟 ≫ 1 the expression becomes equal to
𝑉
𝐼

(2.1.17)

≈𝑅 ∙

1

𝐶 𝑅 +𝑟
𝐶
1+𝑠 𝑔 +
𝑔 𝑟

+

𝑠 𝐶 𝐶 𝑅
𝑔

with

Where the gain is 𝑅 and we can identify two complex poles at the angular frequency 𝜔 =
.

𝑄=

The second method studies the open loop gain of the circuit. To compute it we have to refer not to the
Return Ratio, that is achieved inserting a signal at the input of the gate of the MOSFET, but to the Bode
Closed Loop Gain (Gloop) that we can get from the Y matrix [2.8][2.9]. To simplify the computation of
Gloop we can use an equivalent circuit that has exactly the same transfer function, but that explicits the
direct and feedback gains. The equivalent circuit is presented in Fig. 2.1.10.

Fig. 2.1.10 Equivalent circuit of the inverter based shunt feedback

As for any closed loop circuit the bandwidth of the closed loop gain is strictly related to the unity gain
bandwidth of the Gloop, whose expression is
𝐺𝑙𝑜𝑜𝑝 = (𝑔 −

(2.1.18)

𝑅 𝑟
1
)(
)∙
𝑅 𝑅 +𝑟

We can identify two poles respectively at 𝑝 =

(𝑔 −

)(

1

𝑅 𝑟
1 + 𝑠𝐶 ∙ 𝑅 + 𝑟

and 𝑝 =

). We can rewrite the Gloop replacing 𝑟 =

;𝐶

∙

1
1 + 𝑠𝐶 𝑅

with a low frequency gain 𝐺

=𝐶 +

and 𝐶 = 𝐶

+𝛽

=

where 𝐴 is the intrinsic gain of the transistors, 𝜔 is the cut off pulse of the transistors, 𝛽 is the ratio

between the output and the input intrinsic capacitances of the MOSFETs assuming that the PMOS and
the NMOS have the same technological parameters in the selected bias conditions, and 𝐶 , 𝐶

are

respectively the fixed input and output capacitances of the stage. Under this condition the Gloop becomes
equal to
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(2.1.19)

𝐺𝑙𝑜𝑜𝑝 = (𝑔 −

𝑅 𝐴
1
)(
)∙
𝑅 𝑔 𝑅 +𝐴

1
1
∙
𝑔
𝑅
𝐴
𝑔
1 + 𝑠(𝐶 +
)𝑅
+𝛽
)∙
𝜔
𝜔
𝑔 𝑅 +𝐴

1 + 𝑠(𝐶

The closed loop bandwidth is strictly related to the unity gain frequency of the Gloop, to determine if an
optimum for different 𝑔 exists, we have to understand how 𝐺 , 𝑝 and 𝑝 behave in function of it.

Usually the dominant pole is 𝑝 and the cut off frequency relative of only this pole can be obtained as the
product of the gain and 𝑝 :

𝜔

(2.1.20)

= (𝑔 −

If we compute the derivative

𝑅 𝐴
1
1
)(
)∙
𝑔
𝑅 𝑔 𝑅 +𝐴
(𝐶 + 𝜔 )𝑅

we obtain a fraction with a second order polynomial expression of 𝑔

at the numerator and a square expression at the denominator, to find the sign of the derivative, we can
analyze only the numerator. The expression of the numerator results equal to
(2.1.21)

𝐴 𝑅
+𝐴 𝑅 𝐶 +𝑔
𝜔

𝑁=𝐴 𝑅 𝐶 +

Where the ∆ of the second order equation is
(2.1.22)

∆=

2𝐴 𝑅
𝜔

𝑅 𝐴
−𝑔 (
)
𝜔

𝐴 𝑅
1
(𝐴 + 1)( + 𝑅 𝐶 )
𝜔
𝜔

All the parameters involved in ∆ are positive, it means that exist two values of 𝑔 that delimit the area
where

equal to

is positive. If we solve the homogeneous equation 𝑁 = 0, we find that these two values are

(2.1.23)

𝑔

=

,

1 ± (𝐴 + 1) 1 + 𝜔 𝑅 𝐶

Due to the fact that (𝐴 + 1) 1 + 𝜔 𝑅 𝐶

inequality 𝑁 > 0 is 𝑔 < 𝑔

=

(

𝑅

is always higher than 1, it means that the solution of the
)

.𝜔

optimum corresponds to 𝑔 = 𝑔

.

If 𝑝2 is inside the unity gain frequency of the Gloop, we have to take into account its dependency to 𝑔 .
𝑝2’s expression results equal to
(2.1.24)

𝑝 =

𝑅 𝐴

𝑔 𝑅 +𝐴
𝐶
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Also in this case we can compute the derivative respect 𝑔 and it results that 𝑝2 is monotonic, in particular

if 𝑅 𝐶

it is growing, otherwise it is descending. The value of 𝑝2 also limits the stability of the

>

feedback.

About the equivalent input noise, if 𝑅 𝑔 ≫ 1, it can be approximated to
(2.1.25)

If

𝑆

=

4𝐾𝑇𝛾
∙ 1 + 𝑠𝐶 𝑅
𝑔 𝑅

+

4𝐾𝑇
𝑠𝐶
∙ 1+
𝑅
𝑔

is outside or delimit the bandwidth, inside it we can identify a white noise contribution produced

by the feedback resistance and a colored noise of the transistor’s channel that is reduced by the value of
𝑅 . If we have an additional external load resistance 𝑅 , we should also add its contribution equal to

𝑆

=

∙

.

If the external input capacitances are dominant to the intrinsic ones of the MOSFETs, the noise can only
improve for high transimpedance gain, but for very high 𝑔 the input intrinsic capacitances increase as

the colored noise, it means that the noise can improve for high 𝑔 only if the white noise reduction is
higher than the increment of the colored noise.

As we did for the common gate, also for the shunt feedback we can evaluate the bandwidth optimum for

a technology of 28nm HPC+ CMOS. To do it, we fixed a gain equal to 200Ohm, an input external
capacitance of 80fF and output external capacitance of 40fF. The optimization of the bandwidth and the
average input current noise in function of the transconductance are shown in Fig. 2.1.11.

Fig. 2.1.11 Bandwidth and average input referred noise of an inverter based shunt feedback in function of the gm

The plot confirms the optimum bandwidth of 29 GHz in correspondence of a transconductance equal to
50 mS, the equivalent input current noise results equal to 15 pA/sqrt(Hz) with a total power consumption
of 5.3 mW and a supply voltage equal to 1.2 V. In this condition the phase margin of the loop results
67.42 ° with a peaking less than 1 dB. Fig. 2.1.11 explicit the noise spectral density for the 3 contributions
at the optimum bandwidth.
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Fig. 2.1.12 Equivalent input noise contributions of the shunt feedback at the bandwidth optimum design.

We can observe in Fig. 2.1.12 that at low frequency the noise is dominated by the resistive contribution,
while at higher frequency the channel noise of the MOSFET becomes dominant. As we already said for
the common gate, if we get a higher bandwidth with the next stages by equalization, the colored noise of
the transistor becomes more and more significant. Also in this case the bandwidth of the LNTA is
highlighted by the dashed black line.
Also [2.10] performed a very interesting analysis to understand the performances of the shunt feedback
topology. In particular, the authors evaluated the bandwidth and input referred current noise density in
function of the power consumption that was varied, keeping constant theratio between the Pmos and the
Nmos and changing the number of fins, fingers and multiplicity. They studied three cases: (a) without any
load, (b) with the input and output load including the bonding inductance of the photodiode, (c) using
the series inductive peaking. Fig. 2.1.13 shows the respectively schematic and plots where we can observe
that the case (c) produced a bandwidth enhancement about 70% at 3 mW of power consumption and a
noise equal to 11 pA/√Hz.

Fig. 2.1.13 Schematic of the Shunt Feedback TIA with its bandwidth and noise performances without any load (a),
loaded with the Photodiode and an output capacitance (b) and with series inductive peaking (c) [2.10]

42

CHAPTER 2 State of Art: LNTA, variable gain and BW extension techniques
In literature there are many example of shunt feedback, here eight examples are reported.
The first example is proposed by Gertjan Coudyzer, Peter Ossieur, Johan Bauwelinck and Xin Yin in the
Journal of Solid State Circuit in 2020 realized in 0.25 𝜇m BiCMOS technology [2.11]. The schematic of
the transimpedance amplifier is reported in Fig. 2.1.14 where we can identify in the grey rectangle the
photocurrent monitor to absorb the photodiode current.

Fig. 2.1.14 Transimpedance amplifier and photocurrent detector [2.11]

In this example the feedback is realized by a resistance of 500 Ω and a follower (Q3a) used to decouple
the amplifier and the resistive load. To improve the bandwidth of the shunt feedback they studied the
closed loop transfer function identifying a secondary pole at the output of the amplifier (Q1, Q2, RC) that
is additionally loaded by the emitter follower. This transistor adds another pole at high frequency that
degrades the phase margin of the loop, for that reason they decided to reduce the value of Rc resistance
that forced to increase the power consumption. The resulting feedback unity gain product was of 5.5 GHz
with a bandwidth closed loop transfer function of 26.4 GHz. Fig. 2.1.15 shows the simulated Gloop and
closed loop transfer function of only the first stage of the system [2.11].

Fig. 2.1.15 Simulated loop gain and closed loop transimpedance gain of the LNTA [2.11]

After the transimpedance amplifier, the TIA is composed by three stages of post amplification and an
output buffer realized for 50 Ω matching. The overall integrated system is represented in Fig. 2.1.16.

43

CHAPTER 2 State of Art: LNTA, variable gain and BW extension techniques

Fig. 2.1.16 Complete architecture of the receiver [2.11]

In the image we can identify a combination of feed forward and feedback for the automatic gain (AGC)
and offset control (AOC), they are realized by fast detection of rms- and average- values of the output
bursts in order to avoid peaking detector which is difficult to realize at high frequency. The resulting
maximum settling time is 82.7 ns. The measured TIA presents an overall bandwidth around 18 GHz with
an equivalent input current noise at maximum gain (70 dBΩ) of 1.1 𝜇𝐴

. The dynamic range is of

21.6 dB for NRZ modulation and 15.8 dB for PAM 4 and the final bit rate results equal respectively to
25 Gbit/s and 50 Gbit/s for NRZ and PAM 4. The overall power consumption is 280 mW for a supply
voltage of 2.5 V [2.11].
The second proposed example from literature is a work of Ke Li et al. that was presented on the Optical
Express in 2020 [2.12]. The authors propose a differential transimpedance amplifier in 28 nm CMOS codesigned with a balanced photodetector. The optical receiver circuit is shown in Fig. 2.1.17 [2.12].

Fig. 2.1.17 Schematic of the LNTA or Cross Coupled Inverter topology [2.12]

The authors realized a new topology based on positive feedback, the idea is that the transistors MN1 and
MP1 could be sized with low dimensions saving power because at low frequency the loop absorbs the
differential currents from the photodiode producing an inverted and amplified signal on the other side,
this allows to reuse the amplifier's transconductance. At high frequency the capacitor Cload creates a
resonance peak with the bonding inductance Lb1 and expands the bandwidth. They explain that to avoid
latching from the structure, a resistance should be introduced (Rload). In the final implementation they
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decided to replace the resistance with a small inverter based shunt feedback amplifier (MP2, MN2, RF)
as Fig. 2.1.18 shows. [2.12]

Fig. 2.1.18 Schematic of the receiver [2.12]

The simulation of the transfer function of the TIA is in Fig. 2.1.19 [2.12].

Fig. 2.1.19 Transimpedance amplifier of the TIA with the activated (red curve) and deactivated (blue curve) cross
coupled inverters at maximum gain (a) and minimum gain (b); peaking mode (c) [2.12]

As the authors explain that the presence of the cross coupled inverter enhance the gain of 9 dB at
maximum gain and of 5 dB at low gain where also a 3-dB bandwidth enhancement is produced from
23.5 GHz to 29 GHz, overpassing the traditional tradeoff between bandwidth and gain. The measured
results present a TIA that is able to produce an output signal at 54 Gb/s with a power consumption of
53.1 mW and 0.98 pJ/bit. About the noise performances Fig. 2.1.20 presents the SNR for different data
rate. In the article is explained that the bigger limitation in the SNR is the limited bandwidth, in fact there
is an improvement in the SNR activating the peaking mode [2.12].

45

CHAPTER 2 State of Art: LNTA, variable gain and BW extension techniques

Fig. 2.1.20 Single ended measured SNR with an input OMA of -8.7dBm at high gain mode (a), low gain mode
and peaking mode (b) [2.12]

Another interesting work is the one proposed by Kadaba R. Lakshmikumar et al. in 2019 at the Journal
of Solid State Circuit realized in 16 nm FinFet [2.13]. They proposed an alternative way to boost the
bandwidth of a Shunt Feedback. Usually the most common way is the one presented in Fig. 2.1.21 (a)
where the inductance is used before the loop, while they suggest to put the inductance inside the loop in
front of the amplifier to shield the transistor capacitance of the inverter (Fig. 2.1.21 (b)) [2.13].

Fig. 2.1.21 (a) Traditional shunt feedback schematic, (b) proposed solution [2.13]

The proposed solution represents the one with the higher bandwidth respect the traditional solution or
without any inductor. The scheme of the overall TIA is presented in Fig. 2.1.22where we can identify a
stage to convert from single ended to differential signal, three programmable gain amplifier, an output
buffer and two DC feedback [2.13].

Fig. 2.1.22 Schematic of the complete TIA [2.13]
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The measured result presents a bandwidth of 27 GHz, an average input referred noise of 16.7 pA/√Hz
and a distortion equal to 1.8 % with an output swing of 600 mV. The transimpedance gain can varies from
78 dBΩ to 57 dBΩ. The design was realized form PAM 4 modulation; indeed, it can support
communications with 106.25 Gb/s rate with a power consumption of 60.8 mW [2.13].
The fourth shunt feedback example is a work presented in Journal of Solid State Circuit in 2019 by
Mostafa G. Ahmed, Tam N. Huynh, Christopher Williams, Yong Wang, Pavan Kumar Hanumolu and
Alexander Rylyakov [2.14]. They designed a linear TIA in 0.13 𝜇m SiGe BiCMOS with a block diagram

equal to Fig. 2.1.23 where an Input DC Current Compensation (IDDC), an Analog Gain Control (AGC)
and DC Offset Compensation (DOC) are implemented [2.14].

Fig. 2.1.23 Scheme of the TIA [2.14]

The schematic of the proposed Variable Gain Transimpedance Amplifier is shown in Fig. 2.1.24.

Fig. 2.1.24 Circuit of the LNTA [2.14]

They realized a fully differential LNTA based on a shunt feedback solution with an amplifier Q1-Q2
followed by an emitter follower where there is the output, with this technique the input capacitance of
the next stage is isolated to the loop allowing a higher bandwidth. The variability of the gain was realized
with a NFET in parallel to the feedback resistance where the maximum value is selected for a given
bandwidth, while the minimum is limited by the distortion [2.14]. To prevent TIA’s phase margin
degradation, with the feedback resistance also the feed forward amplifier gain has to be changed in order
to keep constant their ratio. To do that the authors decided to vary Ic together with the variable feedback
resistance. The measured transimpedance gain of the entire TIA can varies from 73 dBΩ to 30 dBΩ with
a 3-dB bandwidth higher than 27 GHz. The average input noise results equal to 20 pA/√Hz and the
distortion is equal to 2.2 % at minimum gain with an output swing of 500 mVppd. The total power
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consumption is of 313 mW and the archived data rate is of 200 Gb/s for a dual polarization 16 QAM
[2.14].
I would like to present a work of Hao Li, Ganesh Balamurugan, James Jaussi and Bryan Casper that was
presented at the European Solid State conference in 2018 [2.15]. They designed a TIA for PAM 4 in
28 nm bulk CMOS technology composed by a single ended to differential TIA, a multiple stage Variable
Gain Amplifier and a Continuous Time Linear Equalizer driver. The first stage, that has the purpose to
realize the transimpedance amplification, is inverter based in order to accommodate a low supply voltage
of 0.9 V provided by an integrated regulator. In the stage a passive peaking network was realized in order
to enhance the bandwidth: a shunt inductance (Lshunt1) that increase the transimpedance gain at high
frequency in order to compensate the roll off; an additional Lshunt2 in series to RL1 in order to increase
the open loop gain and two series inductances (Lseries1 and Lseries2) to distribute the capacitances. The
schematic of the described LNTA is presented in Fig. 2.1.25 [2.15].

Fig. 2.1.25 Schematic of the shunt feedback transimpedance amplifier [2.15]

The measured Zt transfer function with an equivalent photodiode capacitance of 70 fF and bonding
inductance of 200 pH presents a bandwidth of 60 GHz with a gain of 65 dBΩ. The equivalent input noise
results equal to 19.3 pA/√Hz with a power consumption of 107 mW. The authors realized also a
simulation of 112 Gb/s PAM4 that presented a sensitivity of -5.1 dBm with a BER of 2x10-4 resulting in
an energy per bit equal to 0.96 pJ/bit [2.15].
A fully differential TIA with average input referred noise less than 10 pA/√Hz was proposed by Iria García
López, Ahmed Awny, Pedro Rito, Minsu Ko, Ahmet Cagri Ulusoy and Dietmar Kissinger in 2018 always
on the Journal of Solid State Circuit [2.16]. They realized a TIA in 130 nm SiGe BiCMOS technology
for 100 Gb/s for PAM 4 modulation. The measured TIA presents a bandwidth of 66 GHz with gain of
65 dBΩ and a noise of 7.6 pA/√Hz. The schematic of the TIA is presented in Fig. 2.1.26 [2.16].
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Fig. 2.1.26 Schematic of the complete TIA [2.16]

The realized shunt feedback for the input stage is obtained with an amplifier followed also in this case by
an emitter follower that is connected to the feedback resistance. After the first stage we find the variable
gain amplifier that is a degenerated common emitter in order to improve linearity. The resistance of
degeneration is in parallel to a variable capacitance that introduces a zero in order to control the peaking
of the transfer function at middle frequencies, while the variability of the gain is realized with a current
steering. The enhancement of the bandwidth is provided by the 50-Ω buffer with a shunt inductance
(L4p-n). The power consumption results equal to 150 mW with a supply voltage of 3.3 V [2.16].
The last example that I would like to present is a work presented at the International Solid State Circuit
Conference in 2016 by Ahmed Awny et al. [2.17]. They realized a TIA in 0.13 𝜇m BiCMOS for coherent

optical modulation where the schematic of the shunt feedback is presented in Fig. 2.1.27 (a) [2.17].

(a)
(b)
Fig. 2.1.27 Schematic of the transimpedance amplifier (a) and of the negative capacitance (b) [2.17]

The shunt feedback topology was selected for better noise performances respect the common
base solution. The innovation of the presented work was the use of a replica of the
transimpedance amplifier to determine the bias current of the LNTA acting to the supply voltage
by a LDO. The input of the next stage is taken from the base of the emitter follower to
accommodate headroom issues of the VGA. In this example the bandwidth extension is realized
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by inductive peaking and a negative capacitance (Fig. 2.1.26 (b)). The other stages are two variable
gain amplifier realized by degenerated Gilbert Cell, and an emitter degenerated output buffer design to
drive 100 Ω differential resistance with 900 mVppd. The measured TIA presents a 3-dB bandwidth of
53 GHz and maximum gain of 80 dBΩ. The linearity is measured with a tone at 1 GHz and corresponds
to a THD of 5 % for 900mVppd and 3% for 600mVppd for an input current of 3mApp. The average input
referred noise results equal to 24.86 pA/√Hz. Finally they tested the TIA with an optically modulated
QPSK demonstrating a possible transmission data up to 128 Gb/s. The power consumption results equal
to 277 mW for 3.3 V supply voltage [2.17].

2.2 Variability of the Gain
After the conversion of the signal into voltage by the LNTA, the VGAs are used to amplify it more and
provide some variation of the gain in order to avoid the saturation of the Analog Digital Converters that
follow the TIA. Often not only the Amplifiers can provide variability of the gain, but also the LNTA can
in order to have smaller output swing and improve distortion at low gain condition, when the input
current can be very high.
In literature there are two main topologies to perform gain variability: one based on the Gilbert cell or
Current steering and one based on variable resistance/transconductance.

2.2.1 Gilbert Cell and Current Steering VGA
The basic schematic of the Gilbert Cell is reproduced in Fig. 2.2.1. As we can observe it is based on a
common source and a cascode, where in part is straight and in part is crossed. The straight cascode pushes
the current to the output, while the crossed cascode carries the currents with opposite sign to the same
output in order to subtract the current signal. Controlling the ratio between these two currents by the
gate voltages, you can control how much signal current is subtracted and change the gain.

Fig. 2.2.1 Schematic of the first type of Gilbert Cell VGA
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The transfer function of this VGA is expressed in (2.2.1), where we can observe that the low frequency
gain depend on the ratio between 𝑔𝑚 and 𝑔𝑚 . About the bandwidth, it is determined to the pole

identified by the load resistance and the output capacitance 𝐶 . At high frequency also the pole at the

source of the cascode can introduce undesired losses. Moreover the output resistance of the cascode is

affected by Miller effect, but for different gain setting its value changes and move the secondary pole of

the cascode in different frequencies. This effect can change the shape of the transfer function for different
gain settings.

(2.2.1)

𝑉
𝑉

= −𝑔𝑚 𝑅 ∙

𝑔𝑚
1 − 𝑔𝑚

1
𝑔𝑚 ∙ 1 + 𝑠𝑅𝐶
1 + 𝑔𝑚

Another very cascode based VGA is the Current Steering, reported in Fig. 2.2.2. The principle is the same
of the VGA in Fig. 2.2.1, but we reject the “crossed” current instead to subtract it to the straight current.
In the previous schematic the gain could change the sign, while in this other topology it is not possible,
but at the same time we have less capacitance that load the output.

Fig. 2.2.2 Schematic of the Current Steering VGA

The transfer function of this topology is equal to (2.2.2) where we neglect in this case the pole et the
source of the cascode. Also in this case this pole can becomes not negligible at high frequency, but its
output resistance is no more affected by Miller effect. On the other hand, the variation of the gain, produce
a variation of the bias current through the load resistance and consequently a variation of the output DC
voltage.

(2.2.2)

𝑉
𝑉

= −𝑔𝑚 𝑅 ∙

1
1
∙
𝑔𝑚
1 + 𝑔𝑚 1 + 𝑠𝑅𝐶

In literature we can find many example of this type of gain variation, for example [2.14] [2.11] [2.16] used
the Gilbert Cell as described above, while [2.15] decided to avoid the cascode, but control the current
provided to the Gilbert Cell to change the ratio between the two transconductances.
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Fig. 2.2.3 Variable gain Amplifier proposed by [2.15]

2.2.2 Variable Resistance/Transconductance
The second technique used to vary the gain is based on variability of the load resistance or of the
transconductance of the transistor. This is the most conventional technique and can be realized realizing
a discrete or continuous gain variation. A discrete variable resistance is realized with series resistances that
can be turned on or off digitally with switches, while a discrete variable transconductance can be created
with N parallel MOSFET that can be turned on or off. Fig. 2.2.4 shows some example of these techniques.

(a)

(b)

Fig. 2.2.4 Examples of discrete variable (a) resistance and (b) transconductance

Usually in coherent modulation the granularity of the gain variation is so small that a continuous gain
variation is necessary and often it is realized with a transistor in triode region that works as a resistance, it
can be used as a load or to create a variable resistive degeneration of the transistor. Often in literature this
technique is used to vary the gain of the LNTA if it is realized with a shunt feedback. For example, [2.14]
realized the feedback resistance with a discrete passive resistance in parallel to a MOSFET in triode
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Fig. 2.2.5 Variable Gain Transimpedance Amplifier schematic [2.14]

Another example of VGA based on variable resistance is proposed by Stefano Facchin et. al. in [2.18].
They realized the Variable Gain Amplifier with the Cherry Hopper topology, that will be described in
the section 2.3 as it is used for high bandwidth performances. As we can observe in Fig. 2.2.6 this topology
is characterized by a transistor that pushes the signal current in a low impedance created by a resistance in
feedback. The low frequency gain is mainly determined by this resistance that can be tuned with a CMOS
in triode region.

Fig. 2.2.6 Cherry-Hooper and differential variable gain amplifier schematic [2.18]

2.3 Enhancement Bandwidth Techniques
The issue relative to bandwidth limitations becomes more and more important as we grow up un
frequency, usually to compensate the losses a combination of equalization and bandwidth extension
techniques is fundamental to reach the desired data rate. In this section the most common techniques will
be presented.

53

CHAPTER 2 State of Art: LNTA, variable gain and BW extension techniques

2.3.1 Inductive Peaking
The simplest techniques used to enhance the bandwidth is the inductive peaking. It involves the use of
inductances in order to produce resonances and increase the impedance at high frequency. Limit of this
techniques are the not negligible parasitics of the integrated inductances, in particular the quality factor,
that usually is not so fundamental for these type of application, and the parasitic capacitance that limits the
maximum frequency within wich the impedance behaves like an inductance. The fundamental techniques
that involve the inductance peaking are:










Shunt Peaking
Bridged Shunt Peaking
Series Peaking
Triple Resonance Network (or Shunt Series Peaking)
Bridged Shunt Series Peaking
Reverse Triple Resonance Network
T-coil Peaking
Active Inductive Peaking

The last technique in the list in reality doesn’t involve inductances, but an active circuit that behaves as an
inductance.

2.3.1.1 Shunt Peaking
The schematic of a generic shunt peaking is presented in Fig. 2.3.1 where we can identify that the resistive
load is replaced by a resistance in series to an inductance. Increasing the impedance load we increase the
gain and we push more signal current to the output improving the circuit’s speed [2.19].

Fig. 2.3.1 Schematic of the shunt inductance peaking
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To understand the bandwidth advantages of this technique we have to evaluate the transfer function
determined by the added network [2.1].

(2.3.1)

𝑠𝐿
1+ 𝑅
𝑔 𝑅𝜔
𝑠 + 2𝜁𝜔
= −𝑔 𝑅 ∙
=−
∙
1 + 𝑠𝐶𝑅 + 𝑠 𝐶𝐿
2𝜁
𝑠 + 2𝜁𝜔 𝑠 + 𝜔

𝑉
𝑉

The transfer function is characterized by a zero that is determined by the resistance and the inductance,
and two complex poles. If we impose a flat response that corresponds to 𝜁 = √2 2, we can compute the
-3 dB cut off frequency that results equal to (2.3.2) [2.1].
(2.3.2)

𝜔

=

1
+ 1 − 2𝜁 +
4𝜁

1
+ 1 − 2𝜁
4𝜁

+1 ∙

4𝜁
(𝑅𝐶)

The complexity of the formula is determined by the zero, in fact if the neglect it in first approximation,
the resulting bandwidth is (2.3.3) [2.1].
(2.3.3)

𝜔

≈

√2
𝑅𝐶

Without any inductance the bandwidth corresponds to the single pole 𝜔

≈

, it means that the

shunt inductive peaking can provide at least a bandwidth improvement equal to √2. [2.1] studied the
effect of the shunt peaking and the resulting overshooting considering or not the zero.

Overshoot

5%

7.5%

10%

𝜁 (with zero)

0.73

0.69

0.65

0.69

0.64

0.59

BW enhancement 78%
(with zero)

82%

84%

𝜁 (without zero)

Table 2.3.1 The BW and the dumping factor with and without zero in correspondence
of overshooting’s percentage

In function of the desired overshooting we can have different bandwidth enhancements, that can reach
also 84%. The overshooting can be desired and used to perform equalization of the other stages [2.1].
In literature we can fine many examples where the series indicative peaking is used, any person tries to
find the best way to take the advantage to split capacitances with inductances for the considered design.
An example is [2.13], how it was already introduced in the previous section. Other two examples are
presented by [2.16] and [2.15]. In particular, very interesting, in the work of Balamurugan et al., is the
comparison with and without the inductive peaking reported also in Fig. 2.3.2 where it is evident how
the bandwidth is enhanced passing from 32.3 GHz to 72.3 GHz.
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Fig. 2.3.2 Transfer function with and without the inductive peaking [2.15]

2.3.1.2 Bridged Shunt Peaking

Fig. 2.3.3 Schematic of the bridged shunt inductance peaking

In this techniques the shunt inductor is in parallel to a capacitor. In reality any inductance has its own
parasitic capacitor, it means that 𝐶 can be not necessarily an explicit capacitance, but simply the parasitic
capacitor. The bridged shunt peaking is a variant of the shunt peaking; it derives from the necessity to
control the peaking of the shunt technique. If we look to the shunt peaking transfer function, it can be
rewritten as (2.3.4) [2.19].

(2.3.4)

𝑉
𝑉

= −𝑔 𝑅 ∙

𝑠
1 + 𝑚𝜔

𝑠
𝑠
1 + 𝜔 + 𝑚𝜔

Where 𝜔 = 1/𝑅𝐶 and 𝑚 = (𝑅 𝐶)/𝐿. The maximum bandwidth extension corresponds to a factor

of 1.84 at 𝑚 = √2, but it produces also a peaking of 1.5 dB, while for a flat response the maximum
bandwidth extension is of 1.72. The shunt capacitor should be small enough to not degrade the bandwidth
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extension, but also high enough to reduce the peaking [2.19]. The resulting transfer function is (2.3.5)
[2.19].

𝑉
𝑉

(2.3.5)

Where 𝑘 =

𝑠𝐿
+ 𝑠 𝐿𝐶
𝑅
= −𝑔 𝑅 ∙
= −𝑔 𝑅 ∙
1 + 𝑠𝐶𝑅 + 𝑠 𝐿(𝐶 + 𝐶) + 𝑆 𝐿𝐶 𝑅𝐶
1+

1
𝑘
𝑠
𝑠
1+ 𝑚 + 𝑚
𝜔
𝜔
𝑘 +1
𝑘
𝑠
𝑠
𝑠
𝑚
1+
+
+ 𝑚
𝜔
𝜔
𝜔

. [2.19] explains that for a 𝑘 = 0.3 it is possible enhance the bandwidth of 1.83 with a

flat response. Fig. 2.3.4 shows the normalized transfer function for the uncompensated response and for
the bridged shunt peaking technique by varying 𝑘 [2.19].

Fig. 2.3.4 Ideal transfer function where bridged shunt peaking is implemented versus 𝑘 [2.19]

2.3.1.3 Series Peaking
The series transfer function schematic is represented in Fig. 2.3.5. The advantage of the capacitance
splitting is that without the inductance the current flows from the transistor to the sum of C1 and C2, but
with the inductor the currents through L is delayed and the MOSFET has to fill only C1 at the beginning
[2.19].

Fig. 2.3.5 Schematic of series peaking
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We can observe that exits two different type of series peaking, the type represented in the previous image
is the most common to find in literature. Its transfer function is equal to (2.3.6) [2.19].

(2.3.6)
Where 𝑘 =

𝑉
𝑉

= −𝑅 ∙

1
= −𝑅 ∙
1 + 𝑠𝑅(𝐶 + 𝐶 ) + 𝑠 𝐿𝐶 + 𝑠 𝐿𝐶 𝐶 𝑅

,𝜔 =

(

)

and 𝑚 =

(

)

1−𝑘
𝑠
𝑚
1+
+
𝜔
𝜔

1

𝑠

𝑘 (1 − 𝑘 )
𝑠
𝑚
+
𝜔

. In (2.3.6) we can identify two additional poles

respect the 𝑅𝐶 starting solution, [2.19] demonstrates that the bandwidth can be improved by a factor of

2.52 for a 𝑘 = 0.3 without peaking, but the bandwidth can be increased more if the resulting peaking is

acceptable, or for example used for equalization purpose [2.7].

[2.7] proposed also a variation of the series peaking in case that 𝑘 < 0.1. The other series peaking
technique is based on the schematic in Fig. 2.3.6.

Fig. 2.3.6 Schematic of the second variant of series peaking

The transfer function becomes equal to
(2.3.7)

𝑉
𝑉

= −𝑅 ∙

1
1 + 𝑠𝑅(𝐶 + 𝐶 ) + 𝑠 𝐿𝐶 + 𝑠 𝐿𝐶 𝐶 𝑅

It is almost equal to (2.3.6) by the except of the second order term at the numerator that instead of 𝐶 , R

multiplies 𝐶 , it means that if we approximate 𝐶 + 𝐶 ≈ 𝐶 , (2.3.6) becomes
(2.3.8)

𝑉
𝑉

≈ −𝑅 ∙

1
(1 + 𝑠 𝐿𝐶 )(1 + 𝑠𝑅𝐶 )

As we can imagine the two complex poles at 𝐿𝐶 presents a quality factor close to infinite, it means that
the peaking produced can be very high, it can be useful if this peaking is desirable, but if it is excessive the
only way is to decrease the quality factor of the inductance [2.19].

Fig. 2.3.7 shows exactly this concept representing the normalized transfer function for a give load
resistance when 𝐶 ≪ 𝐶 [2.19].
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Fig. 2.3.7 Simulated second type of series peaking including an ideal inductance [2.19]

2.3.1.4 Triple Resonance Network (TRN)
The schematic that represents the TRN is represented in Fig. 2.3.8. The aim of this technique is to use
resonances in order to push much current as possible to the load in order to increase the bandwidth. In
particular, we can identify three resonances, to understand them we start describing the behavior of the
network in frequency.

(a)

(b)

Fig. 2.3.8 (a) Schematic of the Triple Resonance Network with the signed currents and voltages, (b) and the
highlighted resonances

At very low frequency the current provided by the MOSFET is all collected by the resistance as long as
the inductance 𝐿 resonates with the parallel between 𝐶 and 𝐶 , where a greater portion of 𝐼 is pushed

in 𝐶 . This behavior is enhanced by the inductance 𝐿 that is sized in order to resonate with 𝐶 at the

same frequency (𝜔 ). In that way the signal current is almost all collected by the output capacitance due
to the low impedance produced by the series resonance. If, for simplicity we assume that 𝐶 = 𝐶 = , to
set equal the two frequencies

and

the relation 𝐿 = 2𝐿 must be satisfied. Usually the gain at this

frequency is set equal to the low frequency gain producing the relation (2.3.9) [2.20].
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𝑅=2

(2.3.9)

𝐿
𝐶

After 𝜔 the voltage at node X changes the sign producing an incoming current to 𝐶 from 𝐶 (𝐼 ) and
𝐿 , 𝑅 (𝐼 ). 𝐼 produces a voltage in 𝑉

almost constant in frequency and proportional to theratio of the

two capacitances, while 𝐼 produces a roll-up in 𝑉

for the inductive component. The transfer function

continues to rise until the resonance of the 𝜋 network realized by 𝐿 , 𝐶 , 𝐶 . At that frequency due to the

high impedance produced by the parallel resonance, the signal current from the MOSFET is most

absorbed by the series of the inductance and resistance. Can be demonstrated that the frequency of the
second resonance is equal to 𝜔 = √2𝜔 . Since the two capacitances are equal and at the resonance carries

the same current in modulus, we can assume that the output voltage is equal to the voltage at node X
producing a gain of (2.3.10) [2.20].

(2.3.10)

|𝑉

| = |𝐼 |

After w2 the 𝜋-network becomes capacitive and 𝑉

3
𝑅
2

comes back to the midband value of 𝐼 𝑅 again

only when 𝐿 resonates with the 𝜋-network that corresponds to a frequency equal to 𝜔 = √6𝜔 . The

final approximated bandwidth results equal to (2.3.11) [2.20].

(2.3.11)

𝜔

≈

2√3
= √3𝜔
𝑅𝐶

The final transfer function results something like Fig. 2.3.9.

Fig. 2.3.9 Generic transfer function of a TRN [2.20]

2.3.1.5 Bridged Shunt Series Peaking
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Starting from the shunt and the series peaking, different passive network can be realized, the first one that
we present here is the bridged shunt series peaking. It is a composition of the previous described
techniques, in particular its schematic is shown in Fig. 2.3.10.

Fig. 2.3.10 Schematic of the bridged shunt series peaking

The expression of the transfer function becomes more complicated; we write it here below [2.19].

(2.3.12)

Where 𝑘 =

𝑉
𝑉

≈ −𝑅 ∙

1+

𝑠
+
𝜔

,𝜔 =

(

1−𝑘
1+𝑘
+
𝑚
𝑚
𝜔

,𝑘 =

)

1
𝑘
𝑠
𝑠
𝑚
𝑚
+
𝜔
𝜔
(𝑘 + 𝑘 )(1 − 𝑘 )
𝑘 𝑘 (1 − 𝑘 )
𝑘 (1 − 𝑘 )
𝑘
𝑠
+
𝑠
𝑠
𝑠
𝑚
𝑚 𝑚
𝑚 𝑚
𝑚
+
+
+
𝜔
𝜔
𝜔
1+

,𝑚 =

(

)

and 𝑚 =

(

)

. This technique can

be considered ad an evolution of the Triple Resonance Network, or also called shunt series peaking. The
advantage is the additional degree of freedom of 𝐶 that can helps in reaching wider bandwidth with a
limited peaking [2.19].

2.3.1.6 Reverse Triple Resonance Network (RTRN)
The Reverse Triple Resonance Network is a variant of the TRN but the resistive load is after the series
inductance (Fig. 2.3.11).

Fig. 2.3.11 Schematic of the Reverse Triple Resonance Network
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[2.21] suggests a methodology to study this network in a simplified way. First of all the authors decided
to express the two capacitances in function of the parameter 𝛼, in particular 𝐶 =

and 𝐶 =

where

usually 𝛼 is greater than 1 due to Miler effect of the next stage. Then they rewrote the RTRN to an

equivalent circuit equal to the parallel of an equivalent capacitance and a series of an equivalent resistance
and inductance (Fig. 2.3.12).

Fig. 2.3.12 Schematic of the equivalent circuit of the RTRN

The total output impedance becomes equal to (2.3.13) [2.21].

(2.3.13)

𝑍

= 𝑅

+ 𝑗𝜔𝐿

||

1
𝑗𝜔𝐶

=

1−𝜔 𝐿

𝑅
𝐿
+ 𝑗𝜔
𝐶
𝐶
(1 − 𝛼)
1 − 𝜔 𝐿 (1 − 𝛼)
2
2

||[

1
1
∙
]
𝑗𝜔𝐶 1 − 𝜔 𝐿 ∙ 𝐶 (1 − 𝛼 )
4

If we observe the previous equation we can identify three resonances: when the series 𝐿

resonates (𝜔 = 1/

(

)

), when 𝐶

(

resonates (𝜔 =

)

) and when 𝑍

and 𝑅

becomes purely

real. Usually the frequency of the first resonance is design in order to be equal to the resonance frequency
. Under that assumption and introducing the constrain

of a shunt peaking, it means that 𝜔 is equal to

that the gain at this resonance must be equal to the low frequency gain, we can get the expression of the
inductances in function of 𝐶, 𝑅 and 𝛼 [2.21].
(2.3.14)

𝐿 =

(2.3.15)

𝐿 =

(1 − 𝛼) 𝐶𝑅
4
(1 − 𝛼)𝐶𝑅
2

We can use (2.3.14) and (2.3.15) to determine the gain and the frequency of the other resonances that
results equal to the following equations [2.21].

(2.3.16)

(2.3.17)

𝜔 =
|𝑍

|

=

2
𝜔
1+𝛼

1
𝜔
1− 𝜔
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(2.3.18)

𝜔 =(

( )
)

∙

(2.3.19)

√

;

𝑓(𝛼) =
|𝑍

|

=

1− ∙

1+

𝜔
𝜔

(1 − 𝛼)

4
𝜔
1−
𝜔

√

√

𝑅

In function of 𝛼 the transfer function can be affected by a significant roll off at low frequency that can be
adjusted by tuning the value of 𝐿 [2.21].

2.3.1.7 T-coil Peaking
The purpose of the T-coil is to use a special network in order to see a constant impedance in frequency
in a specific node. Referring to Fig. 2.3.13, ideally at low frequency the network allows to keep 𝑍 equal

to the load resistance thanks to the inductances, while at high frequency the capacitance 𝐶 bypass the
load capacitor and also in this case 𝑍 ideally results equal to 𝑅.

Fig. 2.3.13 Symmetric T-coil schematic

[2.1] explains that in order to have a bandwidth enhancement with a dumping factor of 𝜁 the following
relations must be used [2.1].
(2.3.20)
(2.3.21)

(2.3.22)

𝐿 =𝐿 =

𝐶𝑅
1
(1 +
)
4
4𝜁

𝐶 =
𝑘=

𝐶
16𝜁

4𝜁 − 1
4𝜁 + 1

Under these assumptions the transfer function becomes equal to
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𝑉
1
=𝑅∙
1 1−𝑘
1
𝑉𝑖𝑛
4 1 + 𝑘 𝑅 𝐶 𝑠 + 2 𝑅𝐶 𝑠 + 1

(2.3.23)

If k is 0.5 the bandwidth can be enhanced by a factor of 2.72 [2.1].

We can find in literature also the use of the T-coil in an asymmetric way [2.19]. When the load
capacitance of the next stage becomes dominant to the intrinsic output capacitance of the stage (𝐶 >

0.7(𝐶 + 𝐶 )) usually the bridged shunt series peaking doesn’t provide enough bandwidth enhancement

because the splitting action of 𝐿 becomes less effective. The mutual inductance is designed to be negative

producing an equivalent circuit with the transformer model equal to Fig. 2.3.14 [2.19].

(a)

(b)

Fig. 2.3.14 Schematic of the asymmetric T-coil (a) and equivalent schematic of the T-coil with the T model of the
transformer, where M=k√L1L2 and k is the coupling factor of the transformer (b)

At the beginning due to the inductance 𝐿 the current flows only in 𝐶 . When the currents start to go

through 𝐿 , a option of it goes also to 𝐶 , but due to the equivalent negative inductance – 𝑀 connected

in series, there is a boost in the current flow to the load capacitance improving the raise time. [2.19]
explains that the symmetric T-coil uses a zero pair to cancel a pole couple, reaching a enhancement of the
bandwidth of a factor equal to 2.83, while the asymmetric T-coil if realized with negative mutual
inductance can achieve an enhancement of the bandwidth of the order of 5 for a peaking less than 2dB
[2.19].

2.3.1.8 Active Inductive Peaking
The advantages in term of bandwidth extension by the use of inductances are clear, but the use of a passive
inductance take a lot of area, so sometimes can be useful to have an inductive behavior without the use of
a real inductance. An active inductance is a circuit that provides a low impedance at low frequency and a
high impedance at high frequency. It can be realized in different ways, the most famous load that behave
just like that are represented in Fig. 2.3.15.
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Fig. 2.3.15 Two possible implementations of an active inductance

In both the presented cases the purpose is to show an impedance equal to

at low frequency, and 𝑅 at

high frequency, in the first case thanks to the short of the explicit capacitance 𝐶, in the second case by the

short of the parasitic capacitance 𝐶 . Of course if we take into account the parasitic elements of the
transistor, we have to consider also the output resistance 𝑟𝑜 and all the others parasitic capacitances [2.1].

If we take for example the second implementation, also called Hara active inductive peaking [2.30], the
impedance of the load results equal to
𝑍

(2.3.24)

=

1 + 𝑠𝑅(𝐶

𝑔𝑚(1 + 𝑠𝑅𝐶

)
𝑠𝐶
) 1+
𝑔𝑚
+𝐶

As we can see the equivalent impedance corresponds to a resistance of
(

)

up to the zero at 𝜔 =

. After this frequency the impedance behave like an inductance up to the first pole at 𝜔

and after 𝜔

=

𝑍

is equal to a capacitance of value

=

. It means that the bandwidth of

interest of the active inductive peaking is from 𝜔 to 𝜔 .

An interesting example of active inductive peaking is [2.30] where they implemented the Hara topology
as Fig. 2.3.16 represents.

Fig. 2.3.16 Example of implementation of the active inductive peaking [2.22]

[2.22] discovered a bandwidth enhancement of 15% under the condition that 𝑅𝑔𝑚 ≫ 1.
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2.3.2 Negative Capacitance
The negative capacitance is a very interesting technique that uses the Miller effect to create a negative
capacitance to subtract to the fixed capacitances of a node. In reality it doesn’t create only a negative
capacitance but it adds also positive capacitances due to parasitics, so this technique is more effective when
the added positive capacitances are less than the negative ones. The first way to realize a negative
capacitance is also called neutralization, it is a technique that is easy suitable for fully differential structure.
It consists into insert a capacitance between the input and the output of a stage with the same sign
(Fig. 2.3.17). In this way, if the stage has a gain of 𝐴 at the input of the stage a capacitance equal to 𝐶(1 −

𝐴) will be added, while at the output there will be a capacitance equal to 𝐶(1 − ). This solution can be
useful if the dominant capacitance is at the input of the stage [2.1].

Fig. 2.3.17 Example of Neutralization

The principle presented before can be applied not only to an existing stage, but also adding to the node
where we want a negative capacitance a stage with a gain 𝐴 and the neutralization. In that we are adding

a negative and a positive capacitance at that node, if the negative contribution is higher than the positive
we can have a bandwidth enhancement.

The negative capacitance can also be created by a positive feedback structure presented in Fig. 2.3.18.

Fig. 2.3.18 Negative capacitance implementation
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If the working frequency range is well below the 𝑓 , the impedance 𝑍 results equal to
(2.3.25)

𝑍

=−

1
𝐶
1
−(
+ 2) ∙
𝑠𝐶
𝐶
𝑔𝑚

As we can see in this way we are introducing a series between a negative capacitance equal to 𝐶 and a
negative resistance proportional to

, to avoid oscillation the additional negative resistance has to be not

dominant respect the resistive load at the node where we are introducing the negative capacitance. In
particular, for the example reported in Fig. 2.3.18 the stability condition results equal to (2.3.16) [2.1].
𝑔𝑚𝑅 ≥

(2.3.26)

𝐶

𝐶
𝐶− 2

In literature we can find the implementation of a negative capacitance in [2.23], whose schematic is shown
in Fig. 2.3.19. The authors decided to use a negative capacitance instead of the typical inductor based
enhancement bandwidth techniques to minimize the area.

Fig. 2.3.19 Example of implementation of the negative capacitance [2.23]

2.3.3 Capacitive Degeneration
There are some techniques to enhance the bandwidth that doesn’t involve a particular load, but that can
be applied to particular topologies of the amplifiers. A first example is the capacitive degeneration that can
be applied for example to a common source structure. The principle behind this technique is that a
common source degenerated shows a transimpedance gain that is related to the impedance of
degeneration, for example if the degeneration is a resistance, if the gm of the transistor is high enough,
the equivalent transconductance is

. The capacitive degeneration uses this principle to introduce a

zero in the transfer function. An example of schematic that uses this technique is presented in Fig. 2.3.20
[2.1].
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Fig. 2.3.20 Example of differential amplifier with capacitive degeneration (a) and its equivalent half circuit

The degenerated impedance is equal to

𝑍

(2.3.27)

=

1
2𝐶

//

𝑅

=

2

𝑅

2 1+𝑅

𝐶

It means that the effective transconductance of the transistor becomes equal to

(2.3.28)

𝑔𝑚

=

𝑔𝑚
1 + 𝑔𝑚𝑍

If the additional pole at 𝜔 =

=

𝑔𝑚
𝑔𝑚𝑅
1+
2

∙

1 + 𝑠𝐶 𝑅
𝑠𝐶 𝑅
1+
𝑔𝑚𝑅
1+
2

≈

𝑅

1

∙

1 + 𝑠𝐶 𝑅
𝑠𝐶
1+
𝑔𝑚

is at enough high frequency, we can set the zero 𝜔 = 𝐶

𝑑𝑒𝑔 𝑅𝑑𝑒𝑔

in

order to compensate the dominant pole of the transfer function and improve the bandwidth. We have to
take into account that the choice of 𝑅

determines not only the zero position, but also the gain,

for that reason this technique has the intrinsic tradeoff between the gain and the bandwidth [2.1].
Often this technique is used in the design in BiCMOS technology due to the higher gmOverId
respect the CMOS technology. In fact due to the degeneration, as (2.3.18) shows, the effective
transconductance is lower than the gm of the transistor. [2.6], [2.16] and [2.17] are some example
of the implementation of this technique, that usually is used to add peaking at middle frequency
[2.16], while for high frequency the gain is enhanced by other techniques like negative
capacitances [2.17] or inductive peaking techniques [2.16].

2.3.4 Cherry Hooper Amplifier
The topology of the Cherry Hooper is very used in literature for its broadband performances. Its basic
schematic is shown in Fig. 2.3.21.
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Fig. 2.3.21 First type of Cherry Hooper implementation

Its gain results equal to the product of 𝑔𝑚 and the feedback resistance 𝑅 , if 𝑔𝑚 𝑅 ≫ 1, it means that

it can provide the same gain of the traditional common source, but in very first approximation the
impedance at the two node results equal to
[2.1]. In reality the expression of 𝜔

,

producing poles at high frequency around 𝜔

,

=

,

is optimistic, because as soon as 𝐶 short the output node, the loop

start to have less gain and the input pole raise up, the same is valid respectively for the 𝐶 and the output
impedance [2.1]. If we take into account the also the capacitance 𝐶

, we can derive the transfer function

that results equal to

(2.3.29)

𝑉
𝑉

𝑔𝑚 𝑔𝑚 𝑅 − 1
=
∙
𝑔𝑚

1+𝑠

𝐶 + 𝑔𝑚 𝑅 𝐶
𝑔𝑚

If the two poles are equals and the term 𝑔𝑚 𝑅 𝐶

results equal to 𝜔

,

=

𝑠𝐶 𝑅
𝑅 𝑔𝑚 − 1
+𝐶
𝑠 𝑅 (𝐶 𝐶 + 𝐶 𝐶 + 𝐶
+
𝑔𝑚
1+

𝐶 )

is negligible, can be demonstrated that the two poles

that is higher than the pole without the feedback (𝑅 𝐶

,

) [2.1].

In literature we can find a variant of the Cherry Hooper presented in Fig. 2.3.22, where also a emitter
follower is implemented.

Fig. 2.3.22 Second type of Cherry Hooper implementation
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In this way the follower is used to drive the load capacitance, where the follower impedance is also lowered
by the feedback. The bigger disadvantage of this solution is the issue relative the headroom limitations
[2.1].

2.3.5 𝒇𝑻 Doubler

The bandwidth is determined by the resistances and the capacitances at any node, but higher is the
frequency and more the intrinsic capacitances of the MOSFET becomes not negligible, sometimes they
can also become the dominant capacitances at the nodes. The 𝑓 doublers has the purpose to find some

way to double the intrinsic bandwidth of the MOSFET, or in other way, they want to half their intrinsic
capacitances. This operation impacts on the power consumption and add parasitic capacitances on other
nodes of the circuit, it means that this solution is good if the system presents a dominant pole on the
transfer function that limit the overall bandwidth [2.1].

Fig. 2.3.23 Step from the common source to the 𝑓 doubler

In Fig. 2.3.23 we can analyze the step performed to pass from a classic common source to an 𝑓 doubler.

In both the two figure the low frequency gain is determined by the product of the transconductance 𝑔𝑚
and 𝑅, but in the 𝑓 doubler at the input the signal can see the series of the 𝐶

producing in first

approximation half of the capacitance. Of course we are adding a exact equal structure at the output node,
it means that the output capacitance will be double. Other drawbacks are the double current through the
load resistance that can need a higher supply voltage, that with the double of the current produce an
increment of the power consumption. If we consider also the capacitances referred to ground at the source
of the common source, in reality the capacitance is decreased at the input less than a factor of 2 [2.1].

2.3.6 Active Feedback
The Active Feedback is a technique based on the idea that two complex poles at the same frequency of
two real poles, can provide a better bandwidth due to the peaking. To demonstrate it we can consider the
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two normalized transfer functions (2.3.18) and (2.3.19) that represent respectively the frequency response
of two real poles and of two complex poles [2.1].
𝑇𝐹

(2.3.30)

=

𝑇𝐹

(2.3.31)

𝑠
1+𝜔

=

1

𝑠
1+𝜔

1
𝑠
𝑠
1+𝜔 𝑄+
𝜔

To compare the bandwidth, we make the hypothesis that the two real poles and the complex poles are at
the same frequency 𝜔 = 1/𝜏 .
(2.3.32)

1+

𝜔
𝜔

𝜔
1−
𝜔

(2.3.33)

1
1

1+

𝜔
𝜔

𝜔
+
𝜔 𝑄

= 1/2
= 1/2

If we solve the equations (2.3.22) and (2.3.23) we obtain that the -3dB frequency are respectively equal
to 𝐵𝑊

=𝜔

√2 − 1 and 𝐵𝑊

= 𝜔 for 𝑄 = √2. It results into a bandwidth enhancement of

a factor 1.55 for the complex solution [2.1]. To use this technique a feedback has to be introduced in
order to make complex two poles, in general we will have a structure similar to Fig. 2.3.24.

Fig. 2.3.24 Generic schematic of an Active Feedback circuit

2.3.7 Distributed Amplifier
The last technique that we want to proposed is the distributed structure. They are based on the use of
transmission lines to split the amplifier in smaller amplifiers distributed along the input and output
transmission lines. For properly functionality the lines must be terminated and in the design the delay of
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the signal along the line must be studied in order to sum in the proper way the contribution from the
different small amplifiers. Even if ideally it can provide a bandwidth enhancement of a factor of N, where
N is the number of partitions realized on the amplifier, in reality it has also other issues, starting from the
complexity of the design in particular if there are many stages, the parasitic losses of the transmission lines
that degrade the bandwidth, possible mismatches in the output and input transmission lines, the complex
realization of cascode structure and routing and of course the Miller effect between the input and output
line [2.1].

Fig. 2.3.25 Generic step from an amplifier to the schematic of a distributed amplifier
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CHAPTER 3
This chapter starts with the study of the used technology in order to determine the intrinsic performances
of the MOSFET in function of its polarization. This analysis was realized to optimize the designs and
know the tradeoff between the cut-off frequency, the noise and the transconductance gain per unit
current of the used transistor. After the technology analysis, follow the presentation of the proposed oTIA
designs.

3.1 Study of the technology
In order to optimize the designs, a previous analysis of the technology is fundamental because it defines
the intrinsic limit of the transistors and it can be used to provide a good comparison with works realized
in other technologies. In this section two variant of the same technology are presented, in particular we
studied the 28nm CMOS HPC and the 28nm CMOS HPC+ developed by the Taiwan Semiconductor
Manufacturing Company (TSMC). This technology can be used in a variety of applications such as highspeed networking chips, Central Processing Units (CPUs) and consumer electronics. It presents a
reduction of the power consumption by lower leakage current, in particular 28HPC reduces the leakage
by 20% respect the simple 28nm technology, while the 28NPC+ reduces it by 25% providing also 15%
better performances. Moreover, its relaxed process rules can provide lower area and cost. The back endof-the-line (BEOL) version that is chosen for this research work is characterized by 8 metal levels and the
substrate is of P-type with no epitaxial layer, as common in bulk CMOS technologies. The metal stacks
of the two technologies are equal and represented in Fig.3.1.1, where the layer thickness is not in scale
[3.1].
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Fig.3.1.1 Metal stack not in scale of the 28nm CMOS HPC

The analyzed technology parameters are




Cut-off frequency (ft);
Transconductance over current (gmOverId);




Intrinsic gain (gmro);
Thermal noise coefficient (𝛾)

The ft is the extrapolated frequency at which the small signal current of the MOSFET drops to unity,
usually it is calculated for a common source configuration and it is related to the ratio between the
transconductance gain and the parasitic capacitances of the MOSFET. The dominant capacitance of a
transistor is the gate source capacitance, for that reason the cut off frequency is often approximated to the
equation (3.1.1).
𝑓 =

(3.1.1)

𝑔𝑚
𝐶

In the preliminary analysis, we decided to perform a more precise computation of the cut-off frequency
using the test bench illustrated in Fig. 3.1.2 respectively for the Nmos and for the Pmos.

(a)

(b)

Fig.3.1.2 Circuit configuration for the simulation of the 𝑓 for the NMOS (a) and the PMOS (b)

The polarization is determined by the voltage sources Vgs and Vds while the signal current Isignal produces
an output signal current Iout. As long as Isignal flows in the resistance R, Iout is constant in frequency, but
when the parasitic capacitances of the MOSFET starts to absorb the input current, Iout starts to decrease as
soon as its ratio with Isignal becomes equal to 1. In first approximation ft depends only to the overdrive
voltage (Vov) and to the carrier mobility, in particular it is equal to (3.1.2) [3.2].
(3.1.2)

𝑓 =

3𝜇𝑛⁄𝑝 (𝑉𝑜𝑣 )
4𝜋𝐿2
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As we can aspect the cut off frequency increases with the overdrive voltage until the velocity saturation
decreases the mobility. At that point ft reaches its maximum. Ideally we would like to polarize the
MOSFET at this point to have maximum speed. In reality the cut-off frequency is not the only one that
determine the performances of the circuit, but we have to take into account also the power consumption.
In fact, if the chosen polarization is characterized by a low gmOverId, we have to increase the current to
achieve the desired gain, determining wider routing and higher parasitic in the layout.
To compute the gmOverId, we used the same test bench and we report below the resulting plots of ft
versus gmOverId for the two different version of the technology, simulated on a MOSFET with
minimum length of 28 nm and width equal to 1.8 um.

a)

c)

b)

d)

Fig. 3.1.3 Cut-off frequency versus gmOverId plots for Vds equal to 600mV: a) comparison between the 28nm
HPC and HPC+ about the Nmos; b) comparison between the 28nm HPC and HPC+ about the Pmos; a)
comparison between the Nmos and Pmos of the 28nm HPC and d) HPC+

As we can see from Fig. 3.1.3 the gmOverId in correspondence of the cut-off frequency peak is always
around 5, it means that to achieve a transconductance gain of 50 mS we need a current equal to 10 mA,
if we assume to use a metal x to carry the current, the minimum width capable to carry 10 mA in these
technologies is equal to 1.4 um that can produce significant parasitic with the close metal routings or to
the substrate. It suggests that even if the peak cut off frequency is around 250 GHz, in reality the chosen
operating point corresponds closer to a ft between 150 GHz and 200 GHz in order to have a gmOverId
closer to 10. Another important observation that we can do is that the Pmos ft-versus-gmOverId
characteristics are almost equal in the two technologies, while the HPC+ present a better cut-off frequency
for the Nmos. The Nmos and the Pmos are more similar in the HPC+ than in the HPC. We have to take
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into account in this comparison also the voltage thresholds reported in the table below. As we can observe
the HPC+ version presents a lower threshold voltage, it means that it can have lower power consumption
in correspondence of the same overdrive voltage.

Vth (mV)

HPC

HPC+

Nmos

521

292

Pmos

579

374

Table 3.1.1 Voltage threshold of the Nmos and Pmos for the technology 28nm HPC and 28nm HPC+

Interesting is also the analysis of the intrinsic gain because it determines the maximum gain achievable by
a single stage, if it is too limited we have to use cascoded structure or additional stages that add poles, limit
the bandwidth and the power consumption. It is derived using the schematic in Fig. 3.1.2.

a)

b)

c)

d)

Fig. 3.1.4 Intrinsic gain versus gmOverId plots for Vds equal to 600mV: a) comparison between the 28nm HPC
and HPC+ about the Nmos; b) comparison between the 28nm HPC and HPC+ about the Pmos; a) comparison
between the Nmos and Pmos of the 28nm HPC and d) HPC+

We can observe from Fig. 3.1.4 that in the HPC+ technology the maximum intrinsic gain has been
improved of a factor 1.5 and 1.24 respectively for the Nmos and the Pmos, even if the difference between
the intrinsic gain of the Nmos and the Pmos changes from a maximum of 2.63 in the 28nm HPC to a
maximum of 4.7 for the 28nm HPC+.
The last technology performance to evaluate is the noise of the MOSFET. If we analyze the noise of a
transistor, we can identify three main contributions: the flicker noise, the noise of the gate resistance and
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of the channel. Usually for high frequency applications the flicker noise is negligible while the expression
of the other two contributions are equal to:
(3.1.3)

𝐼

(3.1.4)

𝑉

𝐻𝑧

𝐻𝑧

= 4𝑘𝑇𝛾𝑔
= 4𝑘𝑇𝑅

1
3

where 𝑘 is the Boltzmann constant (1.38x10-23 J/K), 𝑇 is the absolute temperature (298K), 𝑅

is the physical resistance of the gate [3.3][3.4]. If the layout of the MOSFET is realized in order to
have a small 𝑅

, the channel noise becomes dominant and we have to design the gm in order to satisfy

the noise performances. As we can see from (3.1.3) in the noise expression there is also the thermal noise
coefficient 𝛾, that is a purely technological parameters that we studied for the 28nm HPC and HPC+
technologies. To obtain this value we used the test bench reported in Fig. 3.1.5 respectively for the Nmos
and the Pmos.

(a)

(b)

Fig.3.1.5 Circuit used to evaluate the 𝛾 of the transistors for the NMOS (a) and the PMOS (b)

The resulting simulated values of 𝛾 in function of the gmOverId for the two technologies are reported in
Fig.3.1.6.

a)

b)
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c)

d)

Fig. 3.1.6 Thermic noise coefficent versus gmOverId plots for Vds equal to 600mV: a) comparison between the
28nm HPC and HPC+ about the Nmos; b) comparison between the 28nm HPC and HPC+ about the Pmos; a)
comparison between the Nmos and Pmos of the 28nm HPC and d) HPC+

As we can observe, from the previous image, the noise was improved from the HPC to the HPC+ version,
with the exception of the Nmos noise in the interval between 5 and 15 of the gmOverId, moreover in
the HPC+ technology the noise performances of the Nmos and Pmos are more similar, in fact in the HPC
we can observe that the Pmos result noisier than the Nmos of a factor close to 3 for gmOverId of 10.

3.2 Common Gate Cross Drain oTIA
The first design presented was realized in 28nm HPC CMOS technology and it is characterized by the
schematic reported in Fig. 3.2.1 where we can identify a LNTA based on a Common Gate topology and
characterized by a high transimpedance gain, three Variable Gain Amplifier, an Output Buffer that drives
an output resistance load of 100Ω and a feedback for the DC Offset compensation.

Fig.3.2.1 Schema of the Common Gate proposed TIA

The TIA was design in order to have a variable transimpedance gain that can be programmed from 78 dBΩ
to 36 dBΩ maximizing the bandwidth and minimizing the noise and the distortion for an output
differential peak-to-peak swing of 500 mV. In the next sections any stage will be described in detail and
at the end the final results will be presented.
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3.2.1 Low Noise Transimpedance Amplifier (LNTA)
As we have already introduced, the first stage is the most critical for the performances in particular of the
noise and the bandwidth, but it becomes important also for the distortion at low gain condition. In chapter
2 we have highlighted the most common topologies present in literature and we have observed that usually
the common gate present bad noise performances due to the contribution of the current mirror. In this
design we decided to propose a variant of the common gate that overpasses this problem using the
complementarity of the CMOS and a weak positive feedback is used in order to reduce the input
impedance of the stage. The final schematic of the LNTA is presented in Fig. 3.2.2b. We can observe that
current mirror was removed and replaced by a copy of the common gate realized by a Pmos. If, at the
beginning, we ignore that MN2a-b and MP2a-b are crossed, we can observe that the signal current flows
from the photodiode and is splitted in two portions to the Nmos and Pmos. If the resistances seen from
the upper and lower paths are equal, the signal current is exactly divided by 2. The polarization of the
circuit is provided by a scaled copy of the circuit that is represented in Fig. 3.2.2a. In particular, the
MOSFET are polarized in order to have the gate voltage equal to the drain voltage, and the center node
is auto-polarized in the middle of the supply voltage [3.5].

a)

b)

Fig. 3.2.2 Schematic of the LNTA: a) the bias replica and b) the RF circuit [3.5]

To understand the functionality of a complementary Common Gate (CGPN), Fig. 3.2.3 represents a
simplified schematic. The first observation is that it is characterized by an input impedance equal to the
sum of the MOSFET transconductances, so we can have the same input impedance of a common gate
with half of the current. The second observation is that the two paths (upper and lower paths) works as
two independents common gate (Nmos and the other in Pmos), but without the current mirror, because
the polarization is fixed by their gate-source voltage.
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About the noise it also is exactly equal to the noise of a Common Gate but without the contribution of
the current mirror [3.5].
To understand the advantage of the complementary common gate respect the simple common gate we
can perform the same analysis realized in the chapter 2 for the common gate and the shunt feedback, also
to the CGPN. To be coherent we realize this analysis with the 28nm HPC+ technology as we did for the
other topologies and we evaluate the bandwidth optimum for a fixed gain of 200 Ohm, an input external
capacitance of 80 fF and output external capacitance of 40 fF. We have to observe that in this topology
we have two outputs that must be recombined, for this analysis we assume that the recombination is ideal,
and the resistive load is set equal to 400 Ohm and the output external capacitance equal to 20 fF for any
output. Fig. 3.2.3 presents the bandwidth and noise tradeoff of the CGPN and the simulated circuit
compared to the results of the N-only common gate.

a)

b)

Fig. 3.2.3 a) Schematic used to perform the bandwidth-noise tradeoff analysis, b) comparison between the
bandwidth optimization of the simple common gate and the complementary common gate

As we can see from Fig. 3.2.3 the noise performance is highly improved from the simple Common Gate
to the Common Gate PN as we expect without the current mirror. The power consumption in the
optimum is improved of a factor 0.7. The optimum gm is very similar in the two cases (for the CG the
optimum gm is equal to 18.9 mS, for the CGPN the sum of the Nmos and Pmos gm is equal to 18.4 mS)
and the dc current is almost halved. Despite the reduction of the current, the power is not reduced by a
factor of 2 due to the supply voltage, in fact for the simple CG the minimum 𝑉

𝑉

+ 𝑅𝐼 , while for the CGPN it corresponds to 2𝑉

corresponds to 𝑉

+

+ 2𝑅𝐼 : the optimum CG has a supply voltage

equal to 1.55 V while the CGPN is equal to 2.12 V. About the bandwidth it is extended by only 10%
because the output pole is not significantly changed respect the common gate solution.

Different techniques to improve the complementary common gate performances are studied, the first
technique is the Common Gate Cross Gate (CGxG). It is based on an AC loop used to double the
equivalent input gm in order to be able to have the same input impedance with the half of the current, in
order to reduce power consumption. The schematic of the CGxG is reported in Fig. 3.2.4.
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a)

b)

Fig. 3.2.4 a) Schematic of the differential CGxG, b) equivalent N-only single ended circuit of the CGxG in band

Also for that topology we can compute the tradeoff between noise and bandwidth keeping constant the
gain of 200Ohm, an input external capacitance of 80fF and output external capacitance of 40fF. For
coherency we realize this trade off in 28nm HPC+ technology and we decide to use an ideal 𝐶 .

Fig. 3.2.5 Comparison between the bandwidth optimization of the complementary common gate and the
common gate cross gate

As we can see from the plot the bandwidth is not significantly increase, but in the optimum point the
power consumption is reduced by a factor 1.5. Also the noise is not significantly improved. An important
observation about the CGxG is the Miller effect of the intrinsic capacitances of the MOSFET. Fig. 3.2.6
shows how the gate source capacitances are doubled due to two opposite voltages across them, while at
the output the Miller effect on the 𝐶

and 𝐶

can be negligible if the two capacitors are equal. More

over both the input nodes are loaded by all the four 𝐶

increasing the relative parasitics by another factor

2. It indicates that this solution can degrade the bandwidth if the intrinsic capacitances of the MOSFET
are dominant to the external capacitance.
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a)

b)

Fig. 3.2.6 a) Schematic of the differential CGxG where the Miller effect on the Cgs and b) on the Cds and Cgd are
highlighted

The noise of the CGxG can be divided in resistance contribution and MOSFET contribution. As the
resistive contribution is not changed by the CGPN and to the CG solutions, we can directly analyze the
noise of the MOSFET and compare it to the CGPN solution. In the optimum bandwidth condition the
relation 𝑔𝑚

= 1/2 ∗ 𝑔𝑚

is almost true, if the external capacitance dominates to the intrinsic

capacitances of the MOSFET, it means that the MOSFET referred input current noise results equal to
(3.2.1).

(3.2.1)

𝑆

≈ 4𝐾𝑇𝛾𝑔𝑚𝐶𝐺𝑥𝐺

𝑠𝐶𝑖𝑛

2𝑔𝑚𝐶𝐺𝑥𝐺

2

=

4𝐾𝑇𝛾

4𝑔𝑚𝐶𝐺𝑥𝐺

|𝑠𝐶𝑖𝑛 |2 =

4𝐾𝑇𝛾

2𝑔𝑚𝐶𝐺𝑃𝑁

|𝑠𝐶𝑖𝑛 |2 =

1 𝐼𝑛

2 𝐻𝑧

In reality this improvement is not so evident because in the bandwidth the dominant component is the
resistive noise. If we look to the noise spectral density of the MOSFET contribution in the two cases, we
observe instead this improvement in high frequency.

Fig. 3.2.6 Comparison between power spectral densities of the different contribution in the CGPN and in the
CGxG

As we have observed the Common Gate Cross Gate doesn’t provide advantages in the extension of the
bandwidth. To extend the bandwidth, the Active Feedback technique was adopted in order to change
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the two real poles in two complex poles and reduce the input impedance of the stage. The resulting
topology was named Common Gate Cross Drain and its basic schematic is represented in Fig. 3.2.7 with
its equivalent N-only, single ended representation.

(a)

(b)

Fig. 3.2.7 Basic schematic of the Common Gate Cross Drain (a) and it equivalent N-only single ended circuit (b)

The Active Feedback is a weak positive feedback that connect the output of the stage to the gate of the
MOSFET and boost the gm of the MOSFET in order to reduce the input impedance. In fact, if we refer
to the equivalent N-only single ended structure, the equivalent input impedance becomes equal to (3.2.2),
if we ignore the limited output resistance of the MOSFET [3.5].
(3.2.2)
Where 𝑔𝑚

(𝑔𝑚

[3.5].

𝑅

=

2(1 − 𝛼)
𝑔𝑚

is the sum between the transconductance gain of the crossed and not crossed MOSFET

= 𝑔𝑚 + 𝑔𝑚) and 𝛼 is equal to 𝑔𝑚 𝑅 , that is proportional to the maximum feedback loop gain

The Gloop of the CGxD can be computed using the simplified circuit in Fig. 3.2.7 and computing
theratio between Vo and Vo’.

(3.2.3)

𝐺

=

𝑉𝑜 𝑠𝑔𝑚 𝑅 𝐶
1
=
∙
𝑠𝐶
𝑉𝑜
𝑔𝑚
(1 + 𝑠𝐶 𝑅 ) 1 +
𝑔𝑚

It is characterized by two complex poles 𝑝1 =

and 𝑝2 =
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Fig. 3.2.8 Qualitative representation of the Gloop.

A qualitative representation is proposed in Fig. 3.2.8 for different values of 𝑝1/𝑝2. Assuming that the pole
is at lower frequency than

, condition usually verified due to the big input photodiode

capacitance, we can observe that the higher gain of the loop is equivalent to the gain after the dominant
pole and, if we push the secondary pole at infinite (orange case), it corresponds to exactly 𝛼 = 𝑔𝑚 𝑅 . If

the two poles are equal (green case), the maximum loop gain corresponds to 𝑔𝑚 𝑅 /2 . In our design
we decided to set 𝛼 = 𝑔𝑚 𝑅 = 0.5 to have enough gain margin for stability condition.

Fig. 3.2.9 represents the input impedance at the input node with and without the crossed transistors. We
can observe that the impedance is effectively reduced, in this design it was not reduced by 6dB, but only
3dB due to the finite output impedance of the transistor which is not negligible in scaled technologies
[3.5].

Fig. 3.2.9 Input impedance of the CGxD with and without positive feedback [3.5]

To design the CGxD we can consider the transfer function that results equal to

(3.2.4)

𝑉
=𝑅 ∙
𝐶
𝐼
1 + 𝑠 ∙ 𝑔𝑚

1
𝐶 𝑅 𝑔𝑚
+ 𝐶 𝑅 − 𝑔𝑚
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Where we can identify two complex poles at 𝜔 =
must be small.

with a quality factor of 𝑄 =

, it presents a negative contribution introduced by 𝑔𝑚 , that for stability issues

About the noise, if we consider the equivalent N-only schematic for simplicity, the equivalent input
current noise is equal to (3.2.5) neglecting the output resistance of the transistors.
(3.2.5)

𝑆 =

4𝐾𝑇
𝐶
(1 + 𝑠
𝑅
𝑔𝑚

)

+ 4𝐾𝑇𝛾𝑔𝑚

|1 + 𝑠𝐶 |

It's the same as the noise contribution of the complementary common gate and the N-only common gate
without the current mirror, therefore the previous considerations are still valid.
The complete schematic for the final design provided in [3.5] is shown in Fig. 3.2.2, where we can see a
300Ohm output resistance that can be changed by switches (SW1 and SW2) to limit the output voltage
swing when the input signal grows and introduces distortion.
To minimize the load capacitance, the four outputs are recombined by a PN source follower. The
combiner's schematic is shown in Fig. 3.2.10 [3.5].

Fig. 3.2.10 Schematic of the complementary source-follower buffer [3.5]

3.2.2 Variable Gain Amplifiers (VGAs)
Variable Gain Amplifiers are made with a complementary transconductor and a folded cascode in Gilbert
Cell configuration to achieve gain flexibility. To reduce the output capacitive load and allow DC coupling
between the amplifiers, any VGA is followed by a source follower. Figure 3.2.11 illustrates its schematic
[3.5].
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Fig. 3.2.11 Schematic of the Second Variable Gain Amplifier [3.5]

The complementarity of the transconductors allows to have the same gain to the N-only common source
but half the current, resulting in a reduced voltage drop across the resistive load. As we have seen in
Chapter 2, the size ratio between MN3 and MN4 determines the variability of a Gilbert Cell's gain. In
this situation, the three VGAs are equal in polarizations and execute a gain variation of 12 dB starting from
a maximum gain of about 8 dB, taking into consideration the source follower losses. In comparison to
traditional Current Steering, the Gilbert Cell has better linear performance at low gain since the required
current steering ratio is smaller [3.5]. The VGAs have a Triple Resonance Network used to recover the
limited bandwidth of the LNTA. Any amplifiers have different inductances optimized for the bandwidth
and the flatness of the transfer function. Large shunt inductances are used to achieve the necessary peaking.
To minimize the coupling capacitances between the spirals and improve the resonance frequency of the
large shunt inductances, they are realized using two distinct metal layers (M7 and M8). Metal 7's higher
resistivity reduces the inductor's quality factor, but the series losses are absorbed by load the series resistance
of the VGA [3.5]. Figure 3.2.12 illustrates the 3D layout of a 400 pH shunt inductor and the comparison
of the resonance frequencies between the same inductance realized using just Metal 8 and using both the
Metal layers, showing a factor 1.18 improvement [3.5].

Fig. 3.2.12 a) Layout of the 400 pH shunt inductor, b) Impedance versus frequency of the 400 pH inductor
realized in metal 8 (red curve) and in metal 7 and 8 (black curve) [3.5]
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3.2.3 Output Buffer
At the output of the TIA there is an Analog Digital Converter that requires to be driven by 50 ohm single
ended (100 ohm differential), this stage has to purpose to provide this matching. The Output Buffer must
not limit the bandwidth of the TIA and must have acceptable linear performance since it is subjected to
the largest voltage swings of the oTIA. As a result, this stage is intrinsically characterized by a tradeoff
between bandwidth and distortion: higher gain means lower swing at its input, and thus lower distortion;
however the gain is determined by transconductance, which means that to increase it, we must increase
the gm, and thus the input capacitance, which limits the bandwidth of the last VGA. The tradeoff between
distortion and bandwidth is somewhat overcome in the suggested design by utilizing an active load instead
of an explicit 50 resistance, as shown in Fig. 3.2.13 [3.5].

Fig. 3.2.13 Schematic of the Output Buffer [3.5]

The source follower at the output of the third VGA is identified by the MOSFET MN2, a
transconductance realized by MP1 and MN1 and the active termination (MN3) that exhibits 1/gm as
output impedance and it is design to be equal to 50Ω. The active termination has two main benefits. For
start, it has a greater gain than a simple transconductance with a passive load with the same gm. In fact,
instead of gm*50Ω/2, which is the gain of a passive resistive terminated common source [3.5], the active
terminated stage gain is equal to (3.2.6).
(3.2.6)

𝐺𝑎𝑖𝑛

=

1 + 𝑔𝑚 ∗ 50Ω
2

The output buffer in the presented design has a gain of 5dB, which means that a standard resistive load
stage would require 40% more transconductance and input capacitance, if we neglect the output
impedance of the transistor in first approximation. The active termination's second advantage is the input
capacitance provided by the active load; its gate-source capacitance is affected by a positive gain between,
allowing it to load the previous stage with a negative capacitance and thus increase the bandwidth [3.5].
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3.2.4 Input DC Current Cancellation
The signal is received by the TIA from a photodiode, which must be polarized in order to switch on and
convert the signal light from the optical fiber to the electrical domain. The photodiode generates a DC
current that must be absorbed by the TIA. To enable this extra feature, it usually incorporates a DC
control loop. The complementarity of the proposed LNTA allows to directly absorb a DC current that is
a fraction of its bias current. The CGxD has a current of 2 mA for every single ended branch in this design,
and the Pmos may absorb up to 1 mA without reducing the transfer function appreciably [3.5]. The
simulated post layout S21 with and without the DC photodiode current is shown in Fig. 3.2.14, and the
two curves are well-matched [3.5].

Fig. 3.2.14 S21 with and without the DC photodiode current [3.5]

3.2.5 Measurements Results
The prototype of the Common Gate Cross Drain Transimpedance Amplifier was realized in 28 nm
CMOS TSMC-hpc technology in a chip area of 1mm x 1mm including the I/O pads. The photo of the
chip is proposed in Fig. 3.2.15 where the stages are highlighted.

Fig. 3.2.14 Photo of the CGxD_TIA chip [3.5]
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The circuit has a bias voltage of 2.4 V and a power consumption of 319 mW. The measurements are made
at 20°C with a Keysight N5247B Network Analyzer, and the Four-port S-parameters are measured up
to 50 GHz. The S-parameters measured and simulated are shown in Fig. 3.2.15, where we can see that
the S22 results less than 10 dB across the whole bandwidth and match the simulations. The S21 also
matches the simulations well at maximum and minimum gain.

Fig. 3.2.15 Measured (solid line) and simulated (dotted line) S22 and S21 at maximum and minimum gain [3.5]

The TIA was designed for a typical photodiode with a 150 pH bondwire equivalent inductance. The
measured 𝑍

transfer function with the photodiode and the simulated 𝑍

parameters by the formula 𝑍

= 2𝑥

computed from the S-

are shown in Fig. 3.2.16 (a), where we can see that the gain

can vary from 78dB to 36dB, The transimpedance amplifier with the photodiode has a bandwidth of
42GHz and an in band ripple of 1.7dB, with an average group delay of 105ps and a ripple of 52.5ps
(Fig. 3.2.16 (b)) [3.5].

(b)

(a)
Fig. 3.2.16 (a) Measured (solid line) and simulated (dotted line) 𝑍

and 𝑍

, (b) Simulated (dotted blue line)

and measured (solid red line) group delay

The noise was measured by integrating the output single ended noise from 1 GHz to 50 GHz, producing
0.176mVrms2, and the average input current noise was calculated using the formula (3.2.7). The average
input noise density is 18pA/Hz.
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(3.2.7)

𝐼

,

,

𝑉

,
𝑉, ,
𝐻𝑧 𝑑𝑓 =
|𝑍 @1𝐺𝐻𝑧| ∙ 𝐵𝑊 3981Ω ∗ √42𝐺𝐻𝑧

∫

=

The LNTA is the largest source of noise, accounting for 60% of the total, according to the simulation,
while the first VGA contributes 30%. For different gain settings, distortion was measured at 1GHz while
keeping an output swing of Vppd=500mV constant. The THD is plotted as a function of the equivalent
input current using the formula in Fig. 3.2.17. (3.2.8).

(3.2.8)

𝐼

=2

2𝑃 ,
50

|1 − 𝑠

|

Fig. 3.2.17 Total Harmonic Distortion in function of the equivalent Input Current for different gain setting and a
constant output swing of 500 mVppd

Due to second harmonic distortion caused by layout mismatches and asymmetries, the measured THD is
larger than the simulated. The THD's non-monotonic behavior, which can also be seen in simulation,
can be explained: the distortions of the Gilbert Cell's cascode in the week inversion region describe point
A; when the transistors are fully turned on, the THD returns to low values. Because the VGA gains are
all reduced at the same time, this phenomenon only occurs once. As the input signal is increased, the
swings become more pronounced, and the THD rises. When the VGAs' gain is 0 dB, the LNTA lowers
its gain, lowering the signal swing at the three VGAs and causing the second local minimum in the THD
from B to C. At minimum gain, the maximum measured Total Harmonic Distortion is equivalent to
1.77%. The authors of [3.6] conducted an investigation to establish the compatible QAM modulation in
relation to the THD and Optical Power Penalty, resulting that a THD of 1.77% should be able to sustain
a 16 QAM modulation. We used the Matlab software described in Chapter 1 to check the Bitrate by
inserting the E/O transfer function, the SNR, and the distortion. The SNR is calculated using the Vrms
noise and the signal single ended at the output, resulting in a value of 16dB. An example of a noisy sent
bit filtered by the transimpedance amplifier is shown in Fig. 3.2.18. We can see that the signal is
substantially delayed by ∆t and is also low pass filtered. The ringing after any pulse response, which might
affect the readability of the bit stream, is another crucial consequence to notice of the not constant group
delay.
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Fig. 3.2.18 bit stream of the In-phase component of a 16 QAM signal sended with 40 GBaud/s. In blue there is
the original bit, in orange a white noise with 16 dB SNR, the yellow line is the noisy signal filtered by the transfer
function.

We can acquire a BER equivalent to the results in the following table using the proposed TIA for 16, 32,
and 64 QAM modulations. Because the suggested program can only evaluate BER values greater than
10 , the BER for 16 QAM and 160 Gbit is equivalent to 0.
Modulation

16 QAM

16 QAM

32 QAM

64 QAM

N. of sended Bit

4000000

4000000

5000000

6000000

BER

< 2,5x10-7

2,55x10-2

2,302x10-4

0.0113

BaudRate

40GB/s

50GB/s

40GB/s

40GB/s

BitRate

160Gb/s

200Gb/s

200Gb/s

200Gb/s

Table 3.2.1 Modulation and BitRate achievable by the Common Gate Cross Drain TIA

Linear/Limit.
Technology
Supply Voltage
SE/S2D/Diff.
Gain
Bandwidth
Noise
THD
Power
BitRate
Energy per bit
Overload current
compensation
FOM [GHz∙Ω/mW] *

JSSC ’18
[3.7]
Linear
0.13um
BiCMOS
3.3 V
Diff.
65 dBΩ
66 GHz
7.6 pA/√Hz
<5%
For max gain and 800
mVppd
150 mW
100 Gb/s
1.5 pJ/bit

ISSCC ’16
[3.8]
Linear
0.13um
BiCMOS
3.3 V
Diff.
80 dBΩ
53 GHz
24.86 pA/√Hz
4.13%
for 900 mVppd

JSSC ’19
[3.6]
Linear
0.13um
BiCMOS
3.3 V
Diff.
73 dBΩ
27 GHz
20 pA/√Hz

ESSCIRC ’18
JSSC ’19
[3.9]
[3.10]
Linear (PAM-4). Linear (PAM-4)
28 nm
16 nm
CMOS
FinFET
2.5 V / 1.2 V
1.8 V
S2D
S2D
65 dBΩ
78 dBΩ
60 GHz
27 GHz
19.3 pA/√Hz 16.7 pA/√Hz
1.8%
1.5%
<5% for
For 600 mVppd
For 500 mVppd
300mVppd

277 mW
128 Gb/s
2.16 pJ/bit

313 mW
200 Gb/s
1.5 pJ/bit

107 mW
112 Gb/s
0.96 pJ/bit

60.8 mW
100 Gb/s
0.6 pJ/bit

This work
Linear
28nm CMOS
2.4 V
Diff.
78 dBΩ
42 GHz
18 pA/√Hz
1.77%
For min gain
and 500 mVppd
319 mW
200 Gb/s
1.59 pJ/bit

-

YES

YES

YES

YES

YES

782.4

1913.4

385.3

997.2

3527.4

1045.8

Table 3.2.2 TIA performance comparison and summary

Table 3.2.2 reports a summary of the performances of the proposed oTIA to some works present in
literature. More in detail, respect to [3.7], which reports the lowest noise and the widest bandwidth, our
design has 2.3 time higher average noise and 30% lower bandwidth, but a THD that is better by a factor
of 3. Improving linearity inevitably leads to noise and bandwidth penalties. However, thanks to the
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possibility of high order modulations, higher data rates could be achieved [3.6]. Comparing the Common
Gate Cross Drain oTIA to [3.8] noise and distortion are improved by lowering 18% the bandwidth.
Compared to the work of G. Ahmed and co. [3.6], which is also compatible with 16 QAM, they presents
a bit higher noise, but a lower distortion, while the proposed TIA presents a bandwidth higher by 59%.
The TIA of H. Li and co. [3.9] is also implemented in 28 nm CMOS but was optimized for PAM4, our
noise is slightly better whereas bandwidth is lower by 28%. However, THD is 3 times lower for an output
swing that is almost double, important to remember is that the THD is strongly affected by the type of
modulation used, and it also affects the power consumption. In fact, [3.9] is the most power efficient
solution also thanks to specific design choices, such as the lower transresistance gain (13 dB less), and the
lower voltage output dynamic, that allows to use a 1.2 V supply for the power hungry portion of the
circuit. If we compare to [3.10], which presents the highest figure of merit (FOM), defined in [3.11], the
proposed TIA presents almost the same THD and transresistance gain and has 1.5 times more bandwidth.
The higher FOM is justified by the more power efficiency, also thanks to the lower supply voltage, in the
proposed design we couldn’t reduce it due to the chosen topologies, in particular of the LNTA.

3.3 Shunt Feedback Feed Forward oTIA
The second design was implemented in 28nm HPC+ CMOS technology, and its block diagram is shown
in Figure 3.3.1.

Fig.3.3.1 Scheme of the Shunt-Feedback Feed-Forward TIA

We can see two parallel paths: one is focused on amplifying the signal at low frequency (Direct path, DG),
while the other is focused on amplifying the signal at high frequency (Feed-Forward path, FFWG). At
the end of the oTIA, there's an Output Buffer that sums the two parallel paths and provides an output
impedance of 100Ohm differential. The sum of the two gains is the final transfer function. The sum of
the two paths is quite hard to analyze, but we can distinguish two main cases: in the first example the
slopes of the two transfer functions are moderate; this is the most difficult scenario to investigate since
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there is a large frequency interval when the two paths have comparable gain. The second example is when
the two tracks have a high roll off and roll on slope; this is the simplest since one path is negligible in
comparison to the other for the vast majority of the frequencies, and they are only comparable for a narrow
interval of frequencies. The last scenario is similarly to the case of the proposed design, where the direct
and feed forward paths are defined by eighth-order denominators.
The first situation, on the other hand, is more difficult to study and construct, but we can begin to
comprehend it using a simple example in which the direct path is of first order and the feed forward path
is defined by a second order transfer function.
(3.3.1)

𝑇𝐹

(3.3.2)

𝑇𝐹

=

=

1
1 + 𝑠 ⁄𝜔

𝜏𝑠
(1 + 𝑠⁄𝜔 ) ∙ (1 + 𝑠⁄𝜔 )

Where 𝜔 > 𝜔 > 𝜔 . The total transfer function is equal to:
(3.3.3)

𝑇𝐹

=

1+𝑠 1 𝜔 +1 𝜔 +𝜏 +𝑠 1 𝜔 𝜔 +𝜏 𝜔
1
𝜏𝑠
+
=
(1 + 𝑠⁄𝜔 )(1 + 𝑠⁄𝜔 )(1 + 𝑠⁄𝜔 )
1 + 𝑠⁄𝜔
(1 + 𝑠⁄𝜔 ) ∙ (1 + 𝑠⁄𝜔 )

We can see that the three poles of the original transfer functions are the same, but at the frequency 𝜔 =

𝜔 𝜔 𝜔 ⁄(𝜔 + 𝜏𝜔 𝜔 ) two complex zeros are introduced. If we assume that 𝑓 = 𝜔 /2𝜋 is the

bandwidth that we wish to increase and that 𝑓 = 𝜔 /2𝜋 is the maximum bandwidth that the Feed-

Forward link can provide, we must design 𝜔 and 𝜏 to minimize the ripple.

a)

(b)

Fig.3.3.2 Basic schematic of the bandwidth extension by peaking provided by next stages (a) and by feed forward
techniques for noise study

To investigate the benefits of feed forward in terms of noise, we looked to Fig.3.3.2 and begin by
examining a standard condition with a TIA (for simplicity, imagine a common gate) cascaded by an
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amplifier (a). When we look at the noise reported at the input node, we get (3.3.4), ignoring the noise
from the amplifier load resistance 𝑍 .
(3.3.4)

𝑆

𝑠𝐶
4𝑘𝑇𝛾
4𝑘𝑇𝛾 (1 + 𝑠𝑅𝐶 ) 1 + 𝑔𝑚
=
∙ 𝑠 𝐶 + 4𝑘𝑇𝑅 +
𝑔𝑚
𝑔
𝑅

Where the red part is the common gate contribution already studied and the blue part is the amplifier
noise reported to the input by the TIA transfer function. If the amplifier provides some peaking, the
bandwidth is extended, and the noise has to be integrated above the frequencies
the noise of the amplifier can be approximated in first order to

and

, where

, which increases with 𝑠 ,

∙

that appends because its noise is divided by the TIA gain that is going down with the frequency. This
implies that the bandwidth extension of the VGA must be limited for noise performances. If we referred
instead to Fig.3.3.2b, it is the same Common Gate but the bandwidth extension is realized by a Feed Forward stage
that takes the signal before the TIA. Because the two paths transport the noise to the output with a gain, but

then it is reported back to the input with the total of the two paths, the tradeoff between bandwidth and
noise is different. The noise density of the whole input current is equal to (3.3.5).

(3.3.5)

Where 𝑉

𝑆

=

𝑅

𝑉

+

𝑠𝐶 + 𝑔 𝑍𝑖𝑛𝐶𝐺 𝑍
(1 + 𝑠𝑅𝐶 ) 1 +
𝑔𝑚

𝑅

4𝑘𝑇𝛾𝑔 |𝑍 |

(1 + 𝑠𝑅𝐶 ) 1 +

is the noise of the common gate at its output, 𝑍

𝑠𝐶 + 𝑔 𝑍𝑖𝑛𝐶𝐺 𝑍
𝑔𝑚

is the gain from the photodiode

current to the input of the FFW and 𝑔 𝑍𝑖𝑛𝐶𝐺 𝑍 is the transfer function of the feed forward path that is

represented as a common source with a resonance LCR tank, or 𝑍 . Assume you're in the second

condition, where the slopes of the Direct and Feed-Forward paths are sufficiently steep that we can
identify two intervals of frequencies where one path is negligible in comparison to the other one.
At low frequencies, when 𝑔 𝑍 = 0, the noise becomes:
(3.3.6)

𝑆

≈

𝑉

=

𝑅

𝑠𝐶
(1 + 𝑠𝑅𝐶 ) 1 +
𝑔𝑚

4𝑘𝑇𝛾
∙ 𝑠 𝐶 + 4𝑘𝑇𝑅
𝑔𝑚

It is exactly equal to the noise of only the Common Gate.
While at high frequency we assume

(3.3.7)

𝑆

(

≪ 𝑔𝑓 𝑍

)

≈

𝑉

𝑔𝑓 𝑍

𝑍𝐿
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𝑍𝐿 and the noise expression is:

4𝑘𝑇𝛾
1
∙
|𝑍
|
𝑔
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We can suppose that 𝑔 𝑍𝑖𝑛𝐶𝐺 𝑍 is a band pass transfer function that must meet the requirement

𝑔 𝑍𝑖𝑛𝐶𝐺 𝑍 = 𝑅 in the middle of the band to keep the overall transfer function flat. Furthermore,

𝑉

=

∙

(

+

)

(

. Under these assumptions and considering that

)

we are looking outside the TIA bandwidth, the expression (3.3.7) can be simplified to
(3.3.8)

𝑆

4𝑘𝑇𝛾𝑔𝑚
4𝑘𝑇𝑔𝑚
+
𝑠 𝑅 𝐶
𝑠 𝑅 𝐶 𝐶

≈

+

4𝑘𝑇𝛾
1
|
𝑔 |𝑍

To summarize, at low frequencies, the respective noise in the peaking bandwidth extension and feed
forward extensions are (3.3.9) and (3.3.10).
(3.3.9)

𝑆

(3.3.10)

=
𝑆

4𝑘𝑇𝛾
4𝑘𝑇𝛾
∗ 𝑠 𝐶 + 4𝑘𝑇𝑅 +
𝑔𝑚
𝑔 𝑅
=

4𝑘𝑇𝛾
∗ 𝑠 𝐶 + 4𝑘𝑇𝑅
𝑔𝑚

Taking into account that in the reality we could have a next stage also the feed forward case, we can adfirm
that the two solutions presents the same low frequency noise as long as the input capacitance 𝐶

is not

significantly raised by the feed forward.

For the high frequency noise outside the TIA bandwidth, the peaking and feed forward noise are equal
to (3.3.11) and (3.3.12).
(3.3.11)
(3.3.12)

𝑆

𝑆

=

=

4𝑘𝑇𝛾
4𝑘𝑇𝛾 𝑠 𝐶 𝐶
∙ 𝑠 𝐶 + 4𝑘𝑇𝑅 +
∙
𝑔𝑚
𝑔
𝑔𝑚

4𝑘𝑇𝛾 𝑔𝑚
𝑔𝑚
∙
+ 4𝑘𝑇𝑅
𝑔𝑚 𝑠 𝑅 𝐶
𝑠 𝑅 𝐶 𝐶

+

4𝑘𝑇𝛾
1
∙
|𝑍
|
𝑔

As can be seen, the noise contribution due to the common gate (red color) increases with frequency as 𝑠

in the inductive peaking [3.15], while on the contrary it is attenuated in the feed forward solution.
Simultaneously, we add feed forward noise (green color), which is dependent to the selected input node
of the Feed-Forward. While the noise of the amplifier in the peaking bandwidth extension solution (blue
color) grows as 𝑠 because it is divided by the transfer function of the common gate, that after the two
real poles, continues to decrease.

As previously described, the feed forward is a stage that is added to the input node, which means it loads

the input, raising the input capacitance and limiting the LNTA's bandwidth. It implies that feed forward
bandwidth extension techniques can be effective if the bandwidth limitation is lower than the final
extension. Furthermore, the signal received from the feed forward must be carefully selected in order to
benefit of noise advantages. The selected node in this design, for example, is the one between the
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photodiode, ESD, and Pad and the input inductance such that the input feed forward signal is boosted by
the resonance between the inductance and capacitance.

3.3.1 Low Noise Transimpedance Amplifier (LNTA)
The shunt-feedback topology is employed for this design, and its complete schematic is provided in
Fig. 3.3.3, where we can identify the topology previously discussed in Chapter 2, the shunt feedback
inverter based.

Fig. 3.3.3 Complete schematic of the LNTA shunt feedback

We opted to use a variable resistance in feedback to avoid distortion at low gain. The difficulty with this
approach is the shape of the transfer function, which is strongly influenced by the ratio 𝑔𝑚/𝑅 . We must

consider the closed loop transfer function expression in order to understand how to avoid excessive shape
variation.

(3.3.13)

𝐻 (𝑠) = 𝐶𝑙𝑜𝑠𝑒𝑑 𝐿𝑜𝑜𝑝 =

1
𝑅𝑓
∗
1 + 𝑔𝑚𝑅𝑜

𝑅𝑜𝑅𝑓 𝑔𝑚 −

1
𝐶𝑖𝑛(𝑅𝑜 + 𝑅𝑓)
𝑠 𝐶𝑜𝐶𝑖𝑛𝑅𝑜𝑅𝑓
𝐶𝑜𝑅𝑜
1+𝑠
+
+
1 + 𝑔𝑚𝑅𝑜
1 + 𝑔𝑚𝑅𝑜
1 + 𝑔𝑚𝑅𝑜

If we assume that 𝑔𝑚𝑅𝑜 ≫ 1 and replaced 𝑅 with 𝑅 /𝑁 we get the following expression:
(3.3.14)

𝑅𝑓
𝑔𝑚 − 1
𝐻 (𝑠) = 𝑁
∗
𝑔𝑚

1
𝑠 𝐶𝑜𝐶𝑖𝑛𝑅𝑓
𝐶𝑜 𝐶𝑖𝑛(𝑅𝑜 + 𝑅𝑓/𝑁)
1+𝑠
+
+
𝑔𝑚
𝑔𝑚𝑅𝑜
𝑔𝑚𝑁

We can see that the gain is significantly influenced by N, and that the two complex poles are equal to
𝑔𝑚𝑁/𝐶 𝐶 𝑅 . We decided to keep as constant as possible the poles' frequency by changing the gm

with the feedback resistance. The closed loop transfer function under this assumption becomes:
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(3.3.15)

𝑅 𝑔𝑚
−1
𝐻 (𝑠) = 𝑁
∗
𝑔𝑚/𝑁

In this situation, the quality factor is

1
𝐶 𝑅
𝑠 𝐶𝑜𝐶𝑖𝑛𝑅𝑓
𝑁𝐶𝑜 𝑁𝐶
1+𝑠
+
+
+
𝑔𝑚
𝑔𝑚 𝑅 𝑔𝑚
𝑔𝑚

∙(

(

), and is thus dependent on the gain

)

variation, with 𝑄 becoming lower for lower gain settings. To allow an additional degree of freedom to
adjust the quality factor for different gain setting, we decided to provide the possibility to change also 𝑅 .

The variable gm is achieved by turning on and off the component of the inverter, while the variability of

the resistance is implemented in part digitally (connecting and disconnecting resistors by switches) and in
part analogically with two MOSFET in triode region. In parallel there is a fixed discrete resistance.

a)

b)

Fig. 3.3.4 Implementation of the variable digitally resistance (a) and of the variable digitally gm (b)

The analog variable resistance is represented in Fig. 3.3.5. It is implemented by two parallel Pmos and
Nmos regulated together in series with a resistance connected toward the output of the stage where there
is the higher swing, in order to reduce the voltage swing across the MOSFETs and decrease their nonlinear contributions.

a)

b)

Fig. 3.3.5 Implementation of the variable analog feedback resistance (a) and of the variable output resistance (b)

Due to the pseudo-differential topology and the differential resistive load, the differential gain is lower
than the common gain, to reduce it an inductive degeneration is used at the inverter's sources, and a
capacitance is added to the shunt inductance's center tap to show the differential load in the common
mode as well (Fig. 3.3.3).
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3.3.2 Variable Gain Amplifiers (VGAs)
Different topologies for realizing VGAs can be found in the literature, however the most frequently used
topology is the same utilized for the Common Gate TIA discussed above, the Gilbert Cell. A
complementary PN version of the standard common source is proposed in this design, and its schematic
is shown in Fig. 3.3.6.

Fig. 3.3.6 Complete schematic of the VGA

The Pmos and the Nmos act as a shared source loaded both by a resistance 𝑅 . Since the nodes X, X', and
X" are virtual ground for the signal, the VGA behaves as two parallel common sources, one in Pmos and

the other in Nmos, with a shared DC current. A copy of the VGA provides the bias for this structure.

The biasing of the stage is shown below; in particular, the Pmos and Nmos have a fixed sum of gatesource voltages taken from a scaled copy in diode connection highlighted by the dotted rectangle. It allows
to set the current in the same way that a current mirror does. The regulators connected to the supply
regulate the voltages at the drains of the two MOSFETs fixing to the same voltage of their gates (Fig.
3.3.7).

Fig. 3.3.7 Bias functionality of the VGAs
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We can evaluate the stage as an amplifier with two input ports and two output ports, as shown in
Fig. 3.3.8, to better understand how it operates.

Fig. 3.3.8 Simplified VGA schematic and its matrix representation

Where the relative expressions are:
(3.3.16)

𝐺𝑛𝑛 = −

(3.3.17)

𝐺𝑛𝑝 =

(3.3.18)

𝐺𝑝𝑛 =

(3.3.19)

𝑅𝑔𝑛(1 + 𝑅 𝑔𝑝)
1 + 𝑅 (𝑔𝑛 + 𝑔𝑝)

𝑅𝑅 𝑔𝑛𝑔𝑝
1 + 𝑅 (𝑔𝑛 + 𝑔𝑝)
𝑅𝑅 𝑔𝑛𝑔𝑝
1 + 𝑅 (𝑔𝑛 + 𝑔𝑝)

𝐺𝑝𝑝 = −

𝑅𝑔𝑝(1 + 𝑅 𝑔𝑛)
1 + 𝑅 (𝑔𝑛 + 𝑔𝑝)

Take into account this expression, the output voltages result equal to:
(3.3.20)

𝑉 =−

(3.3.21)

𝑉 =−

𝑅𝑔𝑛(1 + 𝑅 𝑔𝑝)
𝑉
1 + 𝑅 (𝑔𝑛 + 𝑔𝑝)
𝑅𝑔𝑝(1 + 𝑅 𝑔𝑛)
𝑉
1 + 𝑅 (𝑔𝑛 + 𝑔𝑝)

+
+

𝑅𝑅 𝑔𝑛𝑔𝑝
𝑉
1 + 𝑅 (𝑔𝑛 + 𝑔𝑝)

𝑅𝑅 𝑔𝑛𝑔𝑝
𝑉
1 + 𝑅 (𝑔𝑛 + 𝑔𝑝)

Because the current that flows in the degeneration is provided by both the MOSFETs, the resulting gain
is similar to a classic degraded common source, with a double degenerated Gloop (if 𝑔𝑛 = 𝑔𝑝), that

because through the degenerated resistance flows the current of both the branches. The resulting output
voltages are equal to (3.3.22) if the two input voltages are different by a factor 𝛼 =
(3.3.22)

𝑉
𝑉

=−

𝑅𝑔𝑥
(𝛼 − 1)𝑅𝑅 𝑔𝑛𝑔𝑝
+
1 + 𝑅 (𝑔𝑛 + 𝑔𝑝) 1 + 𝑅 (𝑔𝑛 + 𝑔𝑝)
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If the two input voltages are different, the Nmos and Pmos paths have different gains. A capacitance is
utilized to equalize the two inputs voltages at high frequency. Because the gain provided by only the
degenerative portion of the structure is about half the one of a N-only degenerated common source, two
additional complementary common sources are added to the structure that can be turned on and off
digitally by SW1 and SW0 to provide gain variability. Additionally, a variable degenerated resistance and
capacitance are used to control the low frequency and high frequency gain of the transfer function. The
advantages of tis topologies are the intrinsic DC compatibility between stages that permits to remove the
source follower, and the reuse of the current for the Nmos and Pmos paths. While the main drawbacks
are the managing of two input and two outputs and the headroom limitations.

3.3.3 Feed Forward Stages
Any Feed-Forward stage is implemented using the same circuit, as shown in Fig. 3.3.9.

Fig. 3.3.9 Schematic of Feed-Forward stage

It is a N-only common source with a Gilbert Cell that provides gain variability and a resonance tank to
realize the band pass transfer function. Any stage's gain is equal to the following expression:

(3.3.23)

𝑉
𝑠𝐿
= −𝑔𝑚 ∙
𝑠𝐿
𝑉
1 + 𝑅 + 𝑠 𝐿𝐶

𝐶 and 𝑅, respectively represent the parasitic capacitances at the output node and the parasitic equivalent
parallel resistance of the inductance. Due to the limited bandwidth of any Feed-Forward stage, a staggered

approach is employed to expand the overall bandwidth of the passband Feed-Forward path, in which any
stage is designed to resonate at different frequencies to have a wider overall bandwidth, as shown in Fig.
3.3.10.
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Fig. 3.3.10 Staggered structure of the Feed-Forward paths

In the image is also represents the input voltage taken from the FF1 in light blue, where we can see that
the signal stays high also for high frequencies as it is necessary for this technique as already explained. The
gain of any stage is varied in contemporary in order to keep as constant as possible the shape of the FFW
Gain Path (red line). About the common mode gain, it is limited by the degeneration given by the current
source, but its load includes not only the inductor, but also the stage's supply lines, for that reason a large
capacitance is added at the shunt inductance's tap (𝐶 ). Another challenge of this design is the layout, as
we have to carry two paths that must keep a symmetry for the positive and negative signals. To preserve
the symmetry, any stage of the direct path and of the Feed-Forward paths are concatenated into one other
as shown in Fig. 3.3.11a.

a)

b)

Fig. 3.3.11 a) Layout of a direct stage and a feed forward stage, b) detail of the Feed Forward inductance

As shown in the previous image any Feed-Forward stage is affected by a parasitic series inductance in
order to be connected to the following stage. To minimize this effect, we decided to connect the
following stage above the inductance's input node rather than directly after the stage's output, as shown
in Fig. 3.3.11b.
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3.3.4 Output Buffer and the Recombination of the two paths
Finally, we must recombine the two signals, which was performed in current mode with two parallel
inverters as shown in Fig. 3.3.12.

Fig. 3.3.12 Schematic of the output buffer and combiner

Because the feed forward must operate at a higher frequency, the AC coupling capacitance of the feed
forward is lower than that of the direct path. A discrete differential resistance of 100 Ohm is utilized to
achieve the matching, however it is limited by the triple resonance approach employed to improve the
bandwidth. Also in this stage, as for the LNTA, the differential load provides limited gain in differential
mode, but it is not seen in common mode, for that reason also in this stage we added degenerated inductors
at the sources of the inverters and a capacitance at the center tap of the shunt inductance.

3.3.5 Measurements Results
The prototype of the Shunt-Feedback Feed-Forward Transimpedance Amplifier was realized in 28 nm
CMOS TSMC HPC+ technology in a chip area 1mm x 1mm including the I/O pads. The photo of the
chip is shown in Fig. 3.3.13, where we can identify the direct path and feed forward path stages
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Fig. 3.3.13 Photo of the chip

The supply voltage is different for the Direct and the Feed-Forward paths, respectively it is 2.4 V and 1.8
V with current consumptions equivalent to 96 mA and 60 mA at maximum gain and 77 mA and 60 mA
at minimum gain. A Keysight N5247B Network Analyzer with four ports and a maximum frequency of
67 GHz was used to do the S-parameter measurements. Figure 3.3.14 depicts the simulated and measured
S/parameters, allowing us to determine the overall gain, the gain of only the direct path, and the gain of
only the feed forward path.

(a)

(b)

(c)

(d)

Fig. 3.3.14 S-parameters only the feed-forward path (a), of only the direct path (b), of the total oTIA (c), S22
simulated and measured (d)

The Feed-Forward path (a), with the exception of a lower quality factor at high frequency, matches the
simulations well, however the Direct Path (b) has 1.6 dB less gain at 1 GHz and also has a lower gain
around 15 GHz due to the direct path's lower quality factor of resonances. Due to these mismatches, when
we compare the S21 of the total oTIA, we can see that the two parallel paths are not added as predicted.
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This can be partially solved by lowering the gain of the feed forward path to compensate the direct path's
lower gain. This is possible thanks to the independent regulation of the two paths' gain, as shown in Fig.
3.3.15. The comparison of the S22 simulated and measured curves is also shown in Fig. 3.3.14 (d), where
we can see a good fit between the curves, as we can expect due to the triple resonance network of the
output buffer the matching around 30 GHz is compromised.

(b)

(a)

Fig. 3.3.15 S21 of the TIA with the Feed-Forward path at minimum gain and changing the gain of the Direct Path
(a), and with the Direct path at minimum gain and changing the gain of the Feed-Forward Path (b)

A standard model photodiode and a bondwire equivalent inductance of 150 pH were used to drive the
TIA. In Fig. 3.3.16 (a), the simulated and measured Ztia using the photodiode model at maximum and
minimum gain are shown, with a gain change of 30 dB from 76 dBΩ to 46 dBΩ. As we can see, dua to
the additional losses of the direct path, the Ztia presents a drop in the gain in the middle of the bandwidth,
a possible solution to recover it could be to implement an advanced version of the feed forward that can
shift in frequency, and not only in gain.

(a)

(b)

Fig. 3.3.16 (a) Transimpedance gain of the TIA with the Photodiode simulated (dotted line) and measured (solid
line), (b) group delay of the TIA with the Photodiode measured (grey line), simulated (green line) and the
contribution of only the Direct Path (blue line) and of the Feed-Forward Path (red line)

The group delay of the final electro optical transfer function is the results of the composition of the group
delay of the two paths, in particular we have in Fig. 3.3.16 (b) the measured group delay in grey and the
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post layout simulated group delay in green, but they are highlighted also the group delay of only the Direct
Path in blue and of only the Feed-Forward Path in red, where we can see that the green is almost always
above the highest group delay between the two. It suggests that a possible optimization of the group delay
variation could be realized optimizing independently the group delay of the two path. The sum between
the two paths doesn’t produce any strong variation of the group delay probably because we are in the
casuistic of one path always dominant to the other one.
The noise was measured taking the single ended output and it was reported to the bandwidth with the
electro optical transfer function and it was integrated from 1 GHz to 43 GHz. The resulting input average
noise current densities are 12 pA/Hz for the simulated noise, and 13.6 pA/Hz for the measured noise.
According to the simulation, the LNTA dominates the noise contributions by 47.7% and the first Feed
Foward stage by 37%. The input current spectral densities are shown in Fig. 3.3.17, where we can see
that the Feed-Forward dominates noise at high frequencies, whereas the LNTA dominates noise at low
frequencies. As we already explained the noise of the direct paths, doesn’t increase with frequency as 𝑓

as usually happens, but it is attenuated by the gain of the feed forward.

Fig. 3.3.17 Noise input current density and percentage of the contributions

The distortion is measured using a tone at 1 GHz keeping constant the output swing of 500 mV peak-topeak differential, and it is realized for different gain levels. The THD is plotted in Fig. 3.3.18 as a function
of the equivalent input current, which was calculated using the formula 3.3.26.

(3.3.26)

𝐼

=2

2𝑃 ,
50

|1 − 𝑠

|

At minimal gain, the maximum Total Harmonic Distortion is equivalent to 1.83 %.
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Fig. 3.3.18 Total Harmonic Distortion in function of the equivalent input peak to peak current (INNPP)
This work
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759
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FOM [8]
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Table 3.3.1 TIA performance comparison and summary

Table 3.3.1 compares the Shunt-Feedback Feed Forward TIA with other linear TIA. Respect the
previous design [3.5]. They have almost the same gain, THD and bandwidth, but thanks to the Feed
Forward techniques we could reduce the high frequency noise contribution resulting in 44% less noise,
at the cost of a higher power consumption that was increased by 6%.
Table 3.3 compares also the proposed TIA performance with previously published works. BiCMOS

implementations for coherent modulations ([3.14]-[3.6]), and PAM4 designs have been reported ([3.7][3.12]). Looking at the Figure-Of-Merit (FOM), the proposed solution achieves a gain*bandwidth
product normalized to power comparable to previous BiCMOS differential linear TIAs [3.14][3.6][3.7].
In terms of bandwidth/noise performance, this design comes closer to BiCMOS implementations, it is
comparable to solutions in more advanced FinFET technologies [3.10][3.12] and improves compared
with previous CMOS linear TIAs in the same technology node [3.5][3.9] The proposed TIA shows equal
or better distortion compared with the other designs. To estimate the achievable Data Rate, a non-linear
model, including noise and measured S-parameters, was implemented in Matlab. Simulations shows that
this work can achieve 200Gb/s using 16QAM with 1.15x10-5 BER after group delay compensation. The
presented TIA proposes a design technique to improve the tradeoff between bandwidth and noise at the
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cost of higher power consumption. It can be used also in advanced technology as FinFET to achieve even
better performances and to achieve higher levels of integration with the DSP in coherent optical receivers.
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CHAPTER 4
This chapter presents a secondary work realized to analyze possible alternative way to realize wideband
Variable Gain Amplifiers with low linearity [4.1].

4.1 Closed Loop Variable Gain Amplifier
We have already analyzed the importance to have high linearity for coherent communications, and that
ideally we want a transfer function that doesn’t change with the gain settings keeping constant the
bandwidth. The stages that have a key role in the variability of the gain are the VGAs that has also a
fundamental role for the distortion at medium and low gain settings. Usually the most used topology is
the Gilbert Cell or the Current Steering. How schematic is also reported in Fig. 4.1.1 [4.1].

Fig. 4.1.1 Gilbert Cell VGA schematic [4.1]

This topology is characterized by a poor linearity due to the nonlinear transconductance and current
divider. Another drawback of the Gilbert Cell is the Miller multiplication effect in the output conductance
of the cascode that produces different impedances for different gains, it produces a variation of the transfer
function shape for different gain conditions [4.1]. The block scheme of the proposed VGA is represented
in Fig. 1.1.2 [4.1].
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Fig. 4.1.2 Scheme of Closed Loop VGA

The VGA operates in current mode: the input signal is absorbed by the second stage in feedback and
produce a voltage signal at the node x. Meanwhile the first stage amplify the input voltage and allows to
produce the voltage swing Vx . At the end the third stage takes the voltage signal and produce an output
current that is the input signal amplified by theratio between the transconductances of the third and second
stage. The current mode amplification allows to reduce distortion that is also minimized by the closed
loop principle and the gain of the first stage that minimize the swing at the input node. The resistance 𝑅

represents the output resistance of the previous stage and influences the quality factor of the closed-loop
poles [4.1]. About the implementation of the third stage is divided in sixteen identical slices that can be
independently turned on and off, with the same topology also the second stage is realized with a scaled
down version. The schematic of any slice and of the second stage is represented in Fig. 4.1.3. It is a
cascoded inverter, where for the third stage the cascoded MOSFETs can be turned off [4.1].

Fig. 4.1.3 schematic of the second stage and of a single slice of the third stage

Analyzing the closed loop transfer function, it is characterized by two complex poles produced by the
feedback [4.1]. In particular, it is equal to:

(4.1.1)
Where

𝐼
𝐼

=

𝑔𝑚3
∙
𝑔𝑚2

1
1
∙
𝑠
𝑠 1 + 𝑠𝐶 𝑅
1+𝜔 𝑄+
𝜔
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(4.1.2)

𝜔 =
𝑄=

(4.1.3)

𝑅

𝑔𝑚1𝑔𝑚2
𝐶𝐶

𝑔𝑚1𝑔𝑚2
𝐶
𝐶

We want that the transfer function shape doesn’t change with the gain, it means that we have to consider
the equations (4.1.1-3) substituting the parasitic capacitances with the equivalent expressions in function
of the cut-off frequency of the MOSFETs and taking into account the turned ON and OFF slices od the
third stage where 𝑔𝑚3

= 𝑔𝑚3

is constant [4.1]. In detail we have that for any

+ 𝑔𝑚3

transistor we define an input and an output parasitic capacitance equal to:
(4.1.4)

𝐶 =
𝐶

(4.1.5)

𝑔𝑚
𝜔

=𝛼∙

𝑔𝑚
𝜔

And the relation between the cut off frequencies for a turned off and on MOSFET is:
(4.1.6)

𝜔

=𝛽∙𝜔

Where 𝛼 and 𝛽 are two technology parameters. Under these assumptions (4.1.2-3) become
(4.1.7)

(4.1.8)

𝑔𝑚1𝑔𝑚2

𝜔 =

𝑤 ((𝑔𝑚1 + 𝛼𝑔𝑚2) 𝛼𝑔𝑚1 + 𝑔𝑚2 + 𝑔𝑚3
𝑄 = 𝑅 𝑔𝑚1 ∙

𝛼𝑔𝑚2
1 + 𝑔𝑚1

+

𝑔𝑚3
𝛽

)

𝛼𝑔𝑚1 𝑔𝑚3
1 𝑔𝑚3
1 + 𝑔𝑚2 + 𝑔𝑚2 + ∙ 𝑔𝑚2
𝛽

Observing the equations, we can conclude that the variation of 𝑄 and 𝜔 depend to the value of 𝛽 that

in this technology is equal to 1.1, that allows to guarantee a sufficiently constant value of 𝑄 and 𝜔 . About

the shape of the transfer function, another important parameter to take into account in these applications

is the peaking that depend on 𝑄. It is strongly affected by the input resistance 𝑅 , it means that changing
its value, the shape of the transfer function can be design according to the necessity, while 𝜔 is

independent to 𝑅

[4.1].
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Fig. 4.1.4 Transfer function in for different values of RIN

Fig. 4.1.4 shows the transfer function for different values of 𝑅

(from 30 Ω to 60 Ω), where we can

observe that the peaking changes from 0 to 2.2 dB. In fact, if we consider the finite output resistances of
the transconductors and we call them respectively r01, r02 and r03 for the three stages, the DC gain at the
node VX becomes equal to (4.1.9) [4.1].
𝑉
|
𝐼

(4.1.9)

Where 𝑅 * is the parallel between 𝑅

= −

𝑔𝑚1𝑟 𝑅∗
1 + 𝑔𝑚1𝑟 𝑔𝑚2𝑅∗

and r02 [4.1].

In coherent optical TIAs, the bandwidth is importance as the distortion, in a closed loop circuit, it is
strongly dependent to the Unity Gain Bandwidth (UGBW) of the Loop Gain. In the proposed VGA the
Loop Gain (GL) is given by:
(4.1.10)

𝐺𝐿 =

𝑔𝑚 𝑟 𝑔𝑚 𝑟 𝑅
𝑟 +𝑅

∙

1
1
∙
1 + 𝑠𝑟 𝐶 1 + 𝑠𝐶 𝑟 𝑅
𝑟 +𝑅

In order to improve the Unity Gain Bandwidth preserving the phase margin, we introduced two complex
zeros in the first stage by a feed forward path. Fig. 4.1.5 presents the circuit implementation: it consists of
two stages (n-type and p-type) in parallel with two outputs with same gain to accommodate DC
requirements of the next stage. Each stage is presents a differential pair (MN1-2 and MP1-2) with an
active load (MP3 and MN3) that is also used as a feed-forward path. The zeros are realized using the
capacitors C0 for feed-forwarding the input signal. The capacitance resonates with the inductance L,
thereby producing complex-conjugated zeros.
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Fig. 4.1.5 Schematic implementation of the first stage [4.1]

The gain of the n-type stage is equa to (4.1.11) [4.1].
(4.1.11)

𝑠 𝐿 2𝐶0 + 𝐶
𝑉
=𝐴∙
𝑉
𝑠 𝐿 𝐶0 + 𝐶

+ 𝑠𝑅 2𝐶0 + 𝐶
+ 𝑠𝑅 𝐶0 + 𝐶

+1

+1

Where 𝐴 = 𝑔𝑚 𝑍 //𝑅 = 𝑔𝑚 𝑍 //𝑅 and 𝐶
is the total capacitance at the gate of the PMOS
load. It can be observed that we are introducing two complex zeros with also two complex poles, that
usually are at high frequency. Designing properly the values of 𝐿 and 𝑅 , it is possible improve the
bandwidth while improving the phase margin. If we compare the Open Loop Gain between the Closed
Loop VGA with and without the zeros we can observe, from Fig. 4.1.6 (a), that the bandwidth is improved
by a factor 1.2 and improving the phase margin from 47 degrees to 62 degrees. That bandwidth
enhancement is also evident from the Closed Loop transfer function in Fig. 4.1.6 (b) [4.1].

a)

b)

Fig. 4.1.6 Open Loop Gain (a) and the transfer function with and without the complex zeros (b) [4.1]

4.2 Closed Loop VGA vs Gilbert Cell VGA
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To evaluate the advantages of the Closed Loop VGA we have compared this design to the Gilbert VGA
used in the Common Gate Cross Drain TIA design. Due to the difference between the voltage and the
current amplification, we decided to drive both with a 50 Ω port, in particular in the Closed Loop solution
the input 50 Ω resistance corresponds to 𝑅 . The first thing to compare is the shape of the transfer
function for minimum and maximum gain, to make it more evident, in Fig. 4.2.1 are reported both the
normalized transfer function for the two topologies and the difference between the maximum and
minimum gain where is evident that in the Gilbert Cell VGA the difference between the two extreme
conditions is higher than in the Closed Loop VGA [4.1].

(a)

(b)

Fig. 4.2.1 Normalized transfer function at minimum and maximum gain (a), difference between the minimum and
maximum gain (b)

The other performance to compare is the Total Harmonic Distortion (THD) that eas simulated with a
tone at 1 GHz keeping constant the output swing at 500 mVppd. The distortion in the Closed Loop VGA
grows linearly with the gain variation with a maximum value equal to 0.166 %, while the Total Harmonic
Distortion in the Gilbert Amplifier is non-monotonic and has a peak value of 1%. In point A, the
distortion grows due to the subthreshold biasing of MN3, while in point B the linearity is improved by
linearization effect in the composition of the currents coming from MN3 and MN4 [4.1].

Fig. 4.2.2 THD of the Gilbert Cell VGA (red line) and of the Closed Loop VGA (black line)

The perfoemances are summarized in Table 4.1 where we can observe that in corrispondece of almost the
same maximum gain and gain variation the THD of the Gilbert Cell is worse of a factor 6 respect the
Close Loop VGA to the cost of a higher power consumption [4.1].
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Table 4.1 Comparison with the Gilbert Cell VGA
\
Closed
Loop
VGA
Gilbert
VGA

Tech.

Max
gain

Average

Max THD
Min gain

@1 GHz

Bandwidth

500 mVppd

Voltage
Supply

Power

Output
Noise
(Max Gain)

28 nm
hpc

9.7 dB

-1.9 dB

0.166 %

67 GHz

3V

126 mW –
84 mW

6 nV/√Hz

28 nm
hpc

10 dB

-0.7 dB

1%

70 GHz

2.4 V

51 mW

5 nV/√Hz
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CONCLUSIONS AND FUTURE
WORKS
The high data rates used to transmit vast amounts of data in wired data links is forcing more and more
transmission systems to adopt optical links for their low losses at high frequency and coherent modulations
for their high spectral efficiency. This solution has the consequence to dramatically change the transceivers
performance requirements in terms of bandwidth, noise, distortion and power consumption with respect
to NRZ or PAM4 modulations. The optical coherent devices are used mainly for long reach links, where
the small number of devices relaxes the limit in power consumption. At the same time, due to the very
dense constellations, the noise and linearity performances have to be good enough to meet the BER
requirements. In these systems the Digital Signal Processing is fundamental to decode the symbol and it
can be used to compensate, not only the optical impairments, but also some limitations of the electrical
devices, such as group delay variation and even some types of distortions. In this scenario, usually the
BiCMOS technology is used for its high cutoff frequency and low noise. nonetheless, the possibility to
realize transceivers in CMOS technology is interesting in order to allow the integrability with the DSP
and reduce system costs. My research was part of research project supported by Huawei Italia, aiming at
the investigation of CMOS solutions for coherent optical communications. This thesis is focused on the
design of two possible Transimpedance Amplifiers for coherent optical receivers: the first realized with a
Common Gate topology and the second with the Shunt Feedback topology in 28nm CMOS technology.

The Common Gate TIA presents a final bandwidth of 42GHz with an input equivalent noise of 18pA/Hz
and a maximum THD equivalent to 1.77% for 500mVppd at the output, equivalent to a SNR of 16dB.
Even though an experimental verification of optical demodulation could not be performed in the lab due
to equipment limitations, a system model was implemented in Matlab, incorporating the main TIA nonidealities (such as noise, bandwidth and distortion) as well as realistic photodiode model, demonstrating
that the implemented TIA could sustain a 16QAM electro/optical communication with 40Gbaud samplerate, corresponding to a data rate of 160Gb/s. Coherent links typically use dual polarization, which would
bring the supported data rate to 320Gb/s for a single wavelength. Comparing the performances of the
implemented CMOS TIA to the literature, we find that its performance is comparable to BiCMOS
solutions used for the same application. The main limitation of this design was the moderate input noise.
This was due to the capacitance of the photodiode that, loading the input of the TIA, limited the
minimum gm of the common gate and consequently the -3dB frequency of the first stage. To compensate
it, I used peaking in the next stages, thus amplifying also the noise. A possible improvement in the
bandwidth/noise tradeoff is proposed in the second TIA.
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The second design is the Shunt Feedback Feed-Forward TIA. It is based on two parallel paths: a lowfrequency amplification path, that is designed for low noise and is characterized by a limited bandwidth,
and a feed-forward path, with a band-pass transfer function, that amplifies the signal at high frequency
and extends the bandwidth without amplifying the noise. This solution has the cost of higher power
consumption, but it minimizes the high frequency noise contribution of the low frequency path, that is
usually the dominant contribution. The final measurements present a bandwidth of 43GHz with and input
equivalent noise of 13.6pA/Hz and a maximum THD of 1.83% for 500mVppd at the output. Also in this
case, I tested the TIA with the Matlab script to verify the modulations that it can sustain. After a group
delay compensation, we are able to use the Shunt Feedback Feed-Forward TIA to perform a 16QAM
modulation with 200Gb/s data rate with a BER equal to 1.15x10-5. The necessity to compensate the
group delay is due to the phase variation in the feed forward transfer function that could be optimized in
a future version of the TIA. Another possible idea for future improvements of this design is the possibility
to shift in frequency the feed forward transfer function to compensate additional losses in the low
frequency path.

In both designs I used the advantages of the CMOS in term of linearity and complementarity, that helps
to reduce the current consumptions. At the same time the limited fT and gmOverId of the technology
limited the bandwidth of the proposed solutions. For this reason, possible improvements of the design
performances could be achieved with more advanced technologies, characterized by higher cut off
frequency.
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%>>>>>>>>>>>>>>>>>> Matlab code for M ary-QAM modulation >>>>>>>>>>>>>>>>>%
clc;
clear all;
close all;
%PARAMETERS
%set all parameters of the amplifier (TIA)
amp.filename=input('->enter the filename of the csv file (transfer function from cadence) - save in your
folder - ex. prova.csv: ');
amp.filerow=input('->enter the row num. from which read (index start from 1) - cadence defoult 2: ');
amp.filecolumn=input('->enter the comun num. from which read (index start from 1) - cadence defoult 1: ');
amp.filemagcolumn=input('->enter the comun num. refered to the magnitude (index start from 1) - cadence
defoult 2: ');
amp.filemagdBflag=input('->enter 1 if the magnitude is in dB, otherwise 0 :');
amp.filephdegflag=input('->enter 1 if the phase is in deg, otherwise 0 :');
amp.mxtf=csvread(amp.filename,(amp.filerow-1),(amp.filecolumn-1));
if amp.filemagdBflag
amp.s211GdB=amp.mxtf(1,amp.filemagcolumn);
%s21 db at 1GHz gain
amp.s211G=10^(amp.s211GdB/20); %s21 lin at 1GHz gain
else
amp.s211G=amp.mxtf(1,amp.filemagcolumn); %s21 lin at 1GHz gain
amp.s211GdB=20*log10(amp.s211G); %s21 db at 1GHz gain
end
amp.thdp=input('->enter the value of THD at the output (in percentuale %) : '); %thd %
amp.thd=amp.thdp/100;
%thd
%snr db
amp.snrdB=input('->enter the value of snr (dB) : ');
amp.snr=10^(amp.snrdB/10);
%snr lin
amp.voutppd=input('->enter the output pp diff at 1GHz (V) : ');
%vout ppdiff
amp.vinppd=amp.voutppd/amp.s211G; %vin ppdiff
amp.PoutdBm=10*log10(amp.voutppd*amp.voutppd/(4*2*100*0.001));
amp.vnoutppd=amp.voutppd/sqrt(amp.snr);
amp.PindBm=10*log10(amp.vinppd*amp.vinppd/(4*2*100*0.001));
amp.PNoutdBm=amp.PoutdBm-amp.snrdB;
amp.PNindBm=amp.PNoutdBm-amp.s211GdB;
amp.vninppd=amp.vinppd/sqrt(amp.snr);
%distortsione y = alpha1*xcos(w) + alpha3*(cos(w))^3
amp.alpha1=amp.s211G-3*amp.thd*amp.s211G;
amp.alpha3=4*amp.thd*amp.s211G/(amp.vinppd^2); %distortsione y = a*xcos(w) + b*cos(3w)
disp('Amplifier parameters loaded');
%set all parameters of the data
sys.M=input('->enter the value of M array for QAM modulation : ');
sys.nsimbol=input('->enter the number of sended simbol : ');
sys.nbit=sys.nsimbol*log2(sys.M);
sys.br=input('->enter the bit rate : ');
sys.bp=1/sys.br;
sys.sr=sys.br/log2(sys.M);
sys.sp=1/sys.sr;
fprintf('Symbol rate equal to: %d\n', sys.sr);
fprintf('Sended bit equal to: %d\n', sys.nbit);
disp('System parameters loaded');
%-%-%-%-%-%-%-CHECKS%-%-%-%-%-%-%%check that M is a power of 2
ds=ceil(log2(sys.M));
dif=ds-log2(sys.M);
if(dif~=0)
error('the value of M is only acceptable if log2(M)is an integer');
end
%FLAG for plot or not graphs
if sys.nsimbol>20
param.plot = false;
else
param.plot = true;
end
%-%-%-%-%-%-%-CREATE DATA%-%-%-%-%-%-%%BIT STREAM
%bit stream
databit=[];
if (sys.nbit < 1000000)
databit=round(rand(sys.nbit,1)); % information generation as binary form
else
sys.nbit = round(sys.nbit/10);
for i=1:1:10
databit=[databit; round(rand(sys.nbit,1))];
end
end
sys.nbit = length(databit);
disp('Starting symbol generation...');
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%SYMBOL STREAM
datasym=qammod(databit,sys.M, 'gray', 'InputType', 'bit');
%REFERENCE CONSTELLATION
x1=[0:sys.M-1];
p=qammod(x1,sys.M);
%SCALE THE SYMBOL STREAM RESPECT THE INPUT SIGNAL OF THE TIA
MAX_REAL = max(real(p));
MAX_IMG = max(imag(p));
MAX_VAL = max(MAX_REAL, MAX_IMG);
pnorm=p/MAX_VAL;
%normalized reference constellation
datasym = datasym/MAX_VAL;
datasym = datasym*amp.vinppd*0.5;
%Vin reference constellation
pin=pnorm*amp.vinppd*0.5;
Rdatasym=real(datasym);
Idatasym=imag(datasym);
% constDiagram = comm.ConstellationDiagram('ReferenceConstellation', pin, 'ShowGrid', true, 'XLimits', [amp.vinppd*2/3 amp.vinppd*2/3], 'YLimits', [-amp.vinppd*2/3 amp.vinppd*2/3]);
% v=[];
%from row to column
% for i=1:length(datasym)
%
v=[v;datasym(i)];
% end
% constDiagram(v);
%CREATE SIGNAL IN TIME FOR REAL AND IMAGINARY COMPONENTS
param.uppersample=10;
%uppersample del coseno portante fIF
t=0:sys.sp/(param.uppersample):sys.nsimbol*sys.sp-sys.sp/(param.uppersample);
%time vector totale dei
simboli
%real component
Rsignal=[];
for i = 1:sys.nsimbol
Rsignal(param.uppersample*(i-1)+1:param.uppersample*i)=Rdatasym(i); %vettore segnale reale
end
if param.plot
figure(1)
subplot(2,1,1)
plot(t, Rsignal); hold on;
end
%imaginary component
Isignal=[];
for i = 1:sys.nsimbol
Isignal(param.uppersample*(i-1)+1:param.uppersample*i)=Idatasym(i); %vettore segnale reale
end
if param.plot
figure(2)
subplot(2,1,1)
plot(t, Isignal); hold on;
end
disp('Ended symbol generation...');
disp('Starting model of the amplifier...');
%-%-%-%-%-%-%-RF AMPLIFIER%-%-%-%-%-%-%%ADDITIONAL WHITE NOISE Noisy_signal=White_gaussian_noise+Signal
Rnoise=wgn(length(Rsignal),1,amp.PNindBm, 100, 'dbm');
Inoise=wgn(length(Isignal),1,amp.PNindBm, 100, 'dbm');
Rsignal_n=Rsignal+Rnoise';
Isignal_n=Isignal+Inoise';
if param.plot
figure(1)
subplot(2,1,1)
plot(t, Rsignal_n); hold on;
title('Real signal')
legend('Original signal','Noise', 'Noise Filtered')
figure(2)
subplot(2,1,1)
plot(t, Isignal_n); hold on;
end
disp('Added noise...');
%FILTERING SIGNAL_FILTERED=REAL(FFT'(TF*FFT(SIGNAL)))
%%%%%%%%%%%definition of the time for the fft
param.slen=length(Isignal_n);
param.dt=sys.sp/(param.uppersample);
f_vect=-param.slen/2:param.slen/2-1;
f_vect=(f_vect/param.slen)/param.dt;
f_vect=fftshift(f_vect); %definition of the frequency vector for the fft (Hz)
%read the data file and storage in vectors
TFmag=amp.mxtf(:,amp.filemagcolumn);
if amp.filemagcolumn==2
TFph=amp.mxtf(:,3); %phase
else
TFph=amp.mxtf(:,2); %amplitude
end
if amp.filemagdBflag
TFmag=10.^(TFmag/20);
%amplitude in linear
end
if amp.filephdegflag
%phase in radians
TFph=TFph*pi/180;
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end
TFfreq=amp.mxtf(:,1);
%frequency
TFmag=TFmag/TFmag(1);
%normalized gain, the gain will be added in the distortion equation
%%%%%%%%%%%interpolation of the positive frequencies of magnitude and phase
f_vectpos=f_vect(1: param.slen/2); %positive vector of the frequencies
%magnitude
[TFmagtemp, index]=unique(TFmag);
%delete repeted value of mag for interpolation error
TFmagInt=interp1(TFfreq(index), TFmagtemp,f_vectpos, 'linear','extrap');
%mag interpolation
%phase
%delete repeted value of ph for interpolation error
[TFphtemp, index]=unique(TFph);
TFphInt=interp1(TFfreq(index), TFphtemp,f_vectpos, 'linear','extrap'); %ph interpolation
%%%%%%%%%%%complex transfer function
TF=TFmagInt.*exp(1j*TFphInt);
%%%%%%%%%%%plot transfer function
figure(3)
subplot(2,1,1)
plot( TFfreq,mag2db(TFmag), 'r-', f_vectpos,mag2db(TFmagInt), 'b-')
title('Magnitude')
legend('Starting transfer function','Interpolated transfer function')
xlabel('Frequency (Hz)')
ylabel('Magnitude (dB)')
figure(3)
subplot(2,1,2)
plot( TFfreq,TFph, 'r-', f_vectpos,TFphInt, 'b-')
title('Phase')
legend('Starting transfer function','Interpolated transfer function')
xlabel('Frequency (Hz)')
ylabel('Phase (rad)')
%%%%%%%%%%%create hermitian transfer function
TFphtemp=-TFphInt; %conjugate phase
TFmagtemp=TFmagInt;
f_vectneg1=-f_vectpos; %relative frequency vector of the conjugated values
f_vectneg=f_vect( param.slen/2+1: length(f_vect)); %frequency vector to interpolate
TFmagtemp1=interp1(f_vectneg1, TFmagtemp,f_vectneg, 'linear','extrap'); %mag interpolation for negative
frequencies
TFphtemp1=interp1(f_vectneg1, TFphtemp,f_vectneg, 'linear','extrap');
%ph interpolation for negative
frequencies
TFHph=[TFphInt TFphtemp1]; %complete hermitian ph vector
TFHmag=[TFmagInt TFmagtemp1];
%complete hermitian mag vector
TFH=TFHmag.*exp(1j*TFHph); %complex hermitian transfer function
%%%%%%%%%%%plot hermitian transfer function
%magnitude
figure(4)
subplot(2,1,1)
plot( f_vect,mag2db(TFHmag), 'r.-.')
title('Magnitude')
xlabel('Frequency (rad/s)')
ylabel('Magnitude (dB)')
%phase
figure(4)
subplot(2,1,2)
plot( f_vect,TFHph, 'r.-.')
title('Phase')
xlabel('Frequency (rad/s)')
ylabel('Phase (rad)')
%%%%%%%%%%%group delay calcolation for phase recovery
TFHphase=angle(TFH); %phase of the transfer function in radians at low frequency
param.groupdelay=(TFHphase(2)-TFHphase(1))/(2*pi*(f_vect(2)-f_vect(1)));
%group delay
param.nshiftdt=round(abs(param.groupdelay)/param.dt);
%delay in index of time to shift for the phase
recovery
%%%%%%%%%%%filtering of the signal
Rsignal_nf=real(ifft(TFH.*fft(Rsignal_n)));
Isignal_nf=real(ifft(TFH.*fft(Isignal_n)));
if param.plot
figure(1)
plot(t, Rsignal_nf); hold on;
title('Real signal')
legend('Original signal','Noise', 'Noise Filtered')
figure(2)
plot(t, Isignal_nf); hold on;
title('Imaginary signal')
legend('Original signal','Noise', 'Noise Filtered')
end
disp('Filtered signal...');
%DISTORTION y = alpha1*x + alpha3*x^3
Rsignal_nfd=[];
Isignal_nfd=[];
temp1=[];
Rsignal_nfd=amp.alpha1*Rsignal_nf+amp.alpha3*Rsignal_nf.*Rsignal_nf.*Rsignal_nf;
component
Isignal_nfd=amp.alpha1*Isignal_nf+amp.alpha3*Isignal_nf.*Isignal_nf.*Isignal_nf;
imaginary component
if param.plot
figure(1)
subplot(2,1,2)
plot(t, Rsignal_nfd); hold on;
figure(2)
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subplot(2,1,2)
plot(t, Isignal_nfd); hold on;

end
disp('Distorted signal...');

%RECOVERY PHASE OF THE SIGNAL
Rsignal_nfd_rf=circshift(Rsignal_nfd, -param.nshiftdt);
Isignal_nfd_rf=circshift(Isignal_nfd, -param.nshiftdt);
if param.plot
figure(1)
subplot(2,1,2)
plot(t, Rsignal_nfd_rf); hold on;
title('Real signal')
legend('Noise, Filtered, Distorted/gain', 'Phase recoveried')
figure(2)
subplot(2,1,2)
plot(t, Isignal_nfd_rf); hold on;
title('Imaginary signal')
legend('Noise, Filtered, Distorted/gain', 'Phase recoveried')
end
disp('Recovered phase...');
disp('Start sampling signal...');
%-%-%-%-%-%-%-SAMPLING SIGNAL AND DATA RECOVERY%-%-%-%-%-%-%%RECOVERY REAL AND IMAGINARY SYMBOLS
RealdataRX=[];
ImgdataRX=[];
temp=param.uppersample/2;
for i=1:length(Rdatasym)
(param.uppersample/2)+param.uppersample*(i-1);
RealdataRX(i)=Rsignal_nfd_rf((param.uppersample/2)+param.uppersample*(i-1));
end
for i=1:length(Idatasym)
(param.uppersample/2)+param.uppersample*(i-1);
ImgdataRX(i)=Isignal_nfd_rf((param.uppersample/2)+param.uppersample*(i-1));
end
clear j;
%PLOT SCATTER CONSTELLATION AND COMPARE WITH THE SENDED SIGNALS
dataRXsym=RealdataRX+j*ImgdataRX;
%symbol generation received
dataRXsymIdeal=datasym*amp.s211G;
%symbol generation sended
pout=pnorm*amp.voutppd*0.5;
%symbol reference constellation
constDiagram = comm.ConstellationDiagram('ReferenceConstellation', pout, 'ShowGrid', true, 'XLimits', [amp.voutppd*2/3 amp.voutppd*2/3], 'YLimits', [-amp.voutppd*2/3 amp.voutppd*2/3], 'EVMNormalization',
'Average constellation power');
v=[];
%from row to column
for i=1:length(dataRXsym)
v=[v;dataRXsym(i)];
end
constDiagram(v);
disp('Conversion from symbol to bit...');
%RECOVERING THE BIT STREAM
dataRXsymTemp=(dataRXsym/(amp.voutppd*0.5))*MAX_VAL;
%recover inizial amplitude for using qamdemod
dataRXbitTemp=qamdemod(dataRXsymTemp,sys.M, 'gray', 'OutputType', 'bit');
[r, c]=size(dataRXbitTemp);
%from matrix to string
dataRXbit=[];
for i=1:c
dataRXbit=[dataRXbit; dataRXbitTemp(:,i)];
end
disp('Compute BER...');
%BER
ErrorRate = comm.ErrorRate;
ber=ErrorRate(dataRXbit, databit);
disp('BER :');
ber(1)
disp('Number of error :');
ber(2)
disp('Number of sended bits :');
ber(3)
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